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ABSTRACT

Supply Current Estimation
in CMOS VLSI Circuits

Fredj Ronatbi

A methodology for estimating supply current waveforms in CMOS VLSI circuits is
presented. The method depends on a piece-wise linear current mrodel, an analytical delay
model and event driven simulation. Our approach differs from previous ones in that it
takes into account circuit topologies, effect of nodes capacitances, input ramp effects and
feed-through (short-circuit) current. Short and long channel MOSFETs are modeled. The
model was tested for various circuits of different complexities and compared to SPICE
level 3. We have achieved a much closer current estimates than previous models for event
driven simulators. Qur approach achieved a speed-up of 3 to 4 orders of magnitude as
compared to SPICE. The simulated waveforms showed a worst case 5% difference on the

average current and 10% difference on the peak current as that obtained by SPICE.
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CHAPTER 1

Introduction and Literature Review

Time-domain supply cument waveforms are important tools in the design of
integrated circuits. The transient current-density waveforms allow the designer to choose
the Metal-lines width to avoid electromigration [22]. The peak current estimates are used
to determine the worst case voltage drop across the power and ground busses [22-23]. The
average current measures the heat dissipation of the circuit, and is used to determine the
packaging of the chip. The instantaneous current identifies power intensive operations.
However, the simulation of a complex CMOS circuit with a large number of transistors for
current estimation is time <onsuming and the simulation time increases largely with the
number of inputs. Different methods have been developed to reduce the simulation time

and keep an acceptable accuracy.
a- Equivalent inverter method

An approach based on collapsing a CMOS gate into an equivalent inverter is
presented in [1]. This approach deals with the peak current estimation in CMOS circuits.
An algorithm for peak current estimation is presented. The algorithm deals with the
problem at three levels of hierarchy, gate level, macro level and power/ground distribution
level. A macro consists of a collection of gates having certain signals as primary inputs. A
gate is collapsed into an equivalent inverter in order to determine the time domain supply
current waveform. The procedure can be described as follows. Two parallel connected
transistors with respective transconductances B1, 2 are replaced with a single transistor
with an equivalent transconductance B, = B; + By. And two series-connected transistors
will be replaced by a transistor with an equivalent transconductance 1/B,4, = 1/8; + 1/f,.
The different internal node capacitances are lumped to the output node. The current

waveforms in the equivalent inverter is determined using numerical analysis involving




solving differential equations with iteration. The maximum current in a CMOS macro
depends on the transitions of the primary inputs. The estimation of the peak current in a
CMOS macro by enumeration of all possible input transitions is computationally inefficient
even for a small number of primary inputs. A branch-and-bound algorithm is used to
estimate the peak current in a CMOS macro. Given a partially specified input state the
algorithm defines an upper bound. The upper bound is the maximum current that can occur
by specifying all the inputs. If the maximum current already determined for a totally
specified input state is higher than the upper bound, the algorithm can stop the search at
non-leaf nodes. The algorithm achieves computation saving of 2 orders of magnitude
compared to SPICE. An algorithm estimating the maximum branch current in a
power/ground distribution network using the macro maximum current is presented. This
method will lead to an over estimation of the peak current, the peak current estimated can
be 50% higher than SPICE estimates. This method can achieve good estimates of the peak
current for circuits built from simple gates such as inverters, 2-input nand, 2-input nor etc.,
but the accuracy will decrease for circuits with complex series/parallel structures ex.
domino-logic circuits. In a stage with series parallel transistors the current waveform
depends on different factors, for example the current depends on which transistor is
switched, by collapsing the stage into a single inverter this factor is ignored. Also this
method ignores that the transistors can be in different modes, ex. saturation, linear mode.
Finally this method requires numerical simulation of the inverter, and this increases the

simulation time.
b- Library of modeled current patterns

Another technique to reduce the simulation time is to use an event driven simulator
[2]. The operation of such a simulator can be summarized briefly as follows: the circuit is
divided into siages, the time-domain current waveforms are estimated for the stage
separately based on the transitions in the event pool. The delay is determined for each stage,

and the new events are added to the event pool. This operation is repeated until the event



pool is empty. At the end all the current waveforms are added to get the total supply current.
The time domain waveforms for the stage are determined from formulas in the library. The
library consists of delay formulas for some switch level conducting patterns such as typical
logic gates. More complicated functional blocks are composed hierarchically from these
patterns. The basic patterns are simulated with SPICE, the generated data is curve fitted into
a simple formula which represent the delay as a function of transistor sizes, input rise and
fall times, and the node capacitances. In case a pattern is not covered in the library, the delay
is estimated based on a simple RC model. For each conducting pattern in a gate the charge
is calculiied as Y c,v, where i is any node in the conducting pattern, Ci is the node
capacitance and Vi is the voltage swing at node i. Finally the current is modelled by a
symmetrical triangle with a base equal to the delay of the gate and an area equal to the
charge. This method achieves a speed-up of 3 to 4 orders of magnitude. The main
drawbacks of such a method is its requirement for numerical fitting of gates in order to
estimate the delay, and it only takes in to account the dynamic power dissipation. Also the
current model used is not appropriate for complex CMOS circuits. Finally this method
approximates the supply current to the capacitor load current and ignores the short-circuit

current.
¢- Library of SPICE patterns

A variation of this method is presented in [4], in this work the digital simulction,
which is necessary for circuit verification, is combined with the results from analog
simulations done on single cells using SPICE. A database is created consisting of cell
names, input capacitances and fanouts with their respective simplified current model. The
analog simulations, necessary once, for the creation of the database are made using SPICE.
Since most of the current in CMOS circuits flows during transitions, the current shapes
from the database are combined with the event table to derive the supply current. The main
drawbacks of this method is the requirement to use standard cells, also the effect of the

inputs rise/fall time on the current is not taken into account in the database. Including all



the factors that affect the supply current i.e. input rise/fall time, output capacitance,
trar:sistor sizes, input transitions etc., will increase the database size and will be
computational inefficient. On the other hand, reducing the parameters in the database and

extrapolating the results will lead to inaccurate current estimates.
d- Switch-level current estimation tool

A current analysis tool that generates the current waveform flowing in the intercon-
nections of VLSI circuits is presented in {3]. The current simulator interrogates a
switch-level mode simulator (i.e. RNL [21]) and extracts information on resistance,
capacitance. The current waveforms are generated by analyzing the RC equivalent circuit.
The waveforms generated are suitable for predicting electromigration effects. The main
advantage of this approach is achieving switch-level simulation speed. The RC model
constitutes a simple model for CMOS circuit analysis, and it fails to give good

approximation for the current waveforms for complex CMOS gates.
e- Probabilistic methods

Current estimators based on statistical and probabilistic simulation are used in
[15][19]. These estimators can predict the expected currents as a function of time. This
technique can be briefly summarized as follows, the logic values are replaced by signal
probabilities and logic transitions by transition probabilities. An event driven probabilistic
simulation is performed. An event at a node i is specified by the time of the transition and
the probability of the transition. The simulator propagates the probability waveforms into
the circuit using the transistor level description. Also the supply current at every event is

estimated. These values are summnied to give an expected current waveform.
f- Analytical modeling of CMOS gates

Different works have been done in the analytical modeling of CMOS VLSI circuits.
The modeling of a long channel CMOS inverter is extensively discussed in [7]. Closed

form delay formulas are obtained fo. a ramp input, also the output voltage is determined as



a function of time. The short circuit power dissipation of a basic inverter s presented in {8].
The effect of the output load on the short-circuit current is discussed. The delay analysis of
long-channel domino logic circuits is presented in [5], a global analytical model for CMOS
domino-logic circuits made from a number of series-connected n-channel transistors and a
pull-up transistor is developed. The delay modelling of series-connected short-channel
MOS transistors is presented in [6], closed-form delay formulas for inverters and series-
connected MOSFET structures are obtained. No work to our knowledge, has attempted the

detailed analytical current modeling of complex CMOS gates.
g- Analytical modelling of MOS transistors

An engineering model for short-channel MOS devices is presented in [9], the model
includes the effects of carrier drift velocity saturation. A Simplified large signal model is
also included. Another short-channel model is presented in |24}, the model is based on an

nth power law MOS model.
e- Our work

This work presents a new approach to overcome the limitations described. Qur
approach is based on a detailed piece-wise linear current model that closely approximates
supply current waveforms during switching of a complex CMOS gate. Combined with an
evert driven simulation with accurare delay models. All waveforms are determined
analytically, this permits fast estimation of these waveforms and maximum speedup of the
simulation. The different factors that affect the current waveforms are included in our
model. These factors can be summarized as follows, (1) input rise and fall time, (2) the
position of the transistor with the triggering input that causes the discharging (or charging)
of the output node, (3) the node capacitances, (4) accounting for the different modes
(saturation, linear, cut-off) of transistors in the current path, (5) the circuit topology of the
switching circuit and its effect on both delay and current. Our new approach showed a good

agreement with SPICE for different circuits, and it achieved a speedup of 3 to 4 order of



magnitude. The material presented in this thesis is organized as follows. Chapter 2 deals
with current estimation in a circuit with multiple stages. Chapter 3 describes our analytical
delay and current model and discusses how this model takes into account different factors
that affect the current waveforms. Chapter 4 compares the results of our approach with
SPICE on different parameters like the peak, average and instantaneous current for both
dynamic and short-circuit current. In Chapter 5 we present The short channel effects on the
current waveforms. A comparison between SPICE and the short-channel model is
presented in Chapter 6. Also, a method for obtaining these models for a VLSI CMOS

technology is presented. Finally Chapter 7 summarizes our work.



CHAPTER 2
Current Estimation in Large CMOS Circuits

2.1- Introduction

In this chapter, we present the method of handling a complex CMOS circuit with
multiple stages to ubtain the supply current waveforms and switching delays. Current
estimation is done within an event driven simulator by decomposing the circuit into stages
(Section 2.2). Two types of stages can be obtained, stages that correspond to
complementary logic gates (Section 2.3) and stages including logic gates and pass gates
(Section 2.4). These stages are then collapsed to an equivalent gate (rather than an inverter
as done in [1]) that produces accurate current waveforms (Section 2.5). Circuits with

feed-back are not considered.

2.2- General Approach

Our approach estimate the current in a large CMOS circuit composed of multiple
stages, based on event driven simulation of the circuit combined with an analytical delay
and supply current estimation. Event driven simulation is particularly suitable for current
estimation in CMOS circuits, because the current flows in a CMOS gate only during
switching of the gate. Therefore the current can be considered as the sum of all gate current
waveforms. A large CMOS circuit can be viewed as a collection of CMOS stages [1] [14].
In circuits without pass gates the stage decomposition is static and corresponds to logic
gates [14] (Fig. 2.2). For circuits with pass transistors the stage decomposition is dynamic
and depends on the input transitions [14] (Fig. 2.1). A stage consists of nodes and
transistors forming an electrical path from a strong signal source to some node. A strong
signal can be an input node, Vpp, Ground or a very high capacitance. Stages generally
correspond to logic gates except for pass transistor logic gates. Pass gates are included with

the gates that drives them and this process is dynamic as shown in Fig. 2.1. When breaking



the circuit into stages, each stage is assigned a number. Stage numbers are assigned so that
the input to the ith stage is driven by an output of the j’h stage, such i>j. Dividing the circuit
into stages and processing them in the order of their numbers ensure that each inputs of a

stage are known at the time when the stage is processed.

capacitive 4 capacitive current
current 4 L ![: —d
G A —=

B 111 L I"r‘-l 1
. 4 capacitive current L
Short-circuit o
current
(a) (b) (©

Fig. 2.1 Stage extraction during different phases of analysis

A timing analysis of the circuit, based on event driven simulation is performed at the stage
level. The results of the timing simulation are combined with the estimation of supply
current waveforms in each stage. The current waveforms are shifted by the corresponding
stage delay. Finally the current waveforms of all stages are added to estimate the total

supply current. Given a general CMOS circuit the supply current is estimated as follows:
(1) The circuit is divided into stages.
(2) The input vectors are scheduled in an event pool.

(3) An event is picked from the event pool and the supply current waveforms for each
affected stage is determined. Current waveforms are obtained based on a detailed model

that corresponds to stage input conditions and characteristics.
(4) Schedule the new events into the event pool, go to step (1) until the event pool is empty.

(5) Add all the current time-domain waveforms at all events simulated.



To explain our approach further we take an example of a typical circuit shown in
Fig. 2.2. The circuit has no pass gates. Therefore tue stage decomposition is static and
corresponds to logic gates. An input vector is fed to the circuit. The circuit is divided into
6 gates as shown in Fig. 2.3. The gates are numbered from 1 to 6. Gate 1 is processed first
and the supply current waveform is determined, the delay of stage 1 is estimated, also the
output rise and fall time of the output of gate 1 is determined, this is put in the event pool.
These parameters will permit processing of gate 2. The current waveforms are estimated
for gate 2. In a similar manner the delay and output rise/fall times of all gates are
determined and put in the event pool. When the event poo! is empty all the current
waveforms to be combined according to the delay analysis of the circuit are added to obtain

the total current waveform as shown in Fig. 2.4.
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Fig. 2.2 Carry-look ahead circuit
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2.3- Current Estimation in a Complex CMOS Gate

In this section we detail the different currents in a CMOQS gate during switching.
The supply current during switching of a CMOS gate has two components, the capacitive
current and the short-circuit current. The capacitive current is the current needed to charge
or discharge the node capacitances in the gates. The short-circuit current is the current
flowing from power to ground supply lines during switching. The shor-circuit power
dissipation is in general less than 20% of the total power dissipation depending on the

load[§].

2.3.1- Currents in a CMOS gate during switching

The supply current flows in a CMOS gate only during the transition of the output
node, Fig. 2.5 shows the currents during the switching of a CMOS gate. The trigger input
is defined as the transistor that causes the charging or discharging of the output node. C,

and C,, represent the node capacitances for the pull-up and the pull-down networks.

Supply current Supply current
Ip ICp Ip ICp
Vdd — Vdd
vdd - 5| ——=Cp vdd 4 F | ——cp
Trigger_/~ — 2 Trigger \_ — E
Vdd — vdd —
Icap Icap
——] T\ _ ] ./
vdd — § vVdd 4 §
vdd— 8 - vdd —4 3 .
Trigger_/— — = Cn Trigger ™\_ — = — Cn
Vdd— & Vdd-4 &
In ICn
Supply current Supply current
a- High to Low transition b- Low 10 High transition

Fig. 2.5 Current in a stage during switching
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The supply current for a high to low transition can be written as follows:

Lsuppty = T+ 1cp
since
dvout
Ie, = G
and
lshorl = lp
dvout
lcap = (Cn'i' CP)E
then
! = 1 por + Tt ]
supply short (Cn + Cp) cap

And in the same way we can obtain the current for both transitions:

C high to low transition
! pon+ it
short (C,+ CP) cap
supply = C,

Lsnorit &5y cap  low tohigh transition
ntCp

[ (EQ.2.1)

As can be seen from EQ. 2.1 the supply current can be easily derived from the capacitive

current and the short-circuit current.
Capacitance estimation

Also EQ. 2.1 shows that the supply current depends strongly on the estimation of C,, and
Cp. C and C, represent the contribution of the different node capacitances in the gate. The
node capacitances can be estimated on an individual basis as drain, source or gate
capacitances. However the contribution of these node capacitances to C,, and C pis difficult
to estimate [1]. The current flowing in these node capacitances depends on the individual
node voltage waveforms. In order to asses the contribution of these node capacitances we

have to estimate the individual node voltages in the gate. This is not possible, especially in

12
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a complex CMOS gate. Therefore, all capacitances associated with the pull-up are added to
estimate Cp and all the capacitances associated with the pull-down are added to estimate
Cp. Our model presents basic waveforms to quickly estimate the capacitive current and the
short circuit current. These two waveforms are then combined using EQ. 2.1 to estimate the
supply current. Each gate is processed through different steps in order to estimate *he

capacitive and short-circuit current.

2.4- Currents in stage with pass gates

Pass gates are used in CMOS circuits for clocking and control. Different clocking
strategies can be used in digital design i.e. 2-phase clocking, 4 -phase clocking. Fig. 2.6
shows a dynamic logic circuit with 2-phase clocking. In this clocking scheme the first stage
is precharged during ¢, and evaluated during ¢,. While the first stage is evaluated the
second stage is precharged and the first stage output are stored on the second stage input.
The pass gate is active when latching the outputs of stage 1 to the inputs of stage 2. The
currents involved when a pass gate is active are shown in Fig. 2.6. In the general case, the
currents in a stage made of a logic gate driving a network of pass gates are shown in Fig.
2.7. The Supply current can be deived ina similar way to the current in a logic gate (section

2.3), and is given by EQ. 2.1.
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Fig. 2.7 Current in stages with pass gates

14



2.5- Capacitive Currents and Short-Circuit Currents
Estimation

We take the case where a gate is switched from high to low, the case where the gate
is switched from low to high is symmetrical. Our model is based on basic time-domain
current waveforms to estimate the capacitive and short-circuit current. We have determined
through careful analysis and simulation that 4 waveforms cover all the possibilities of
inputs and capacitances values. One waveform cover the short circuit current. Fig. 2.8
shows these waveforms for a high to low transition. The CMOS gate is processed through

different steps to estimate the parameters included in these waveforms.
Note :

We did not consider the effect of signal skew between p-block and n-block on the model.
In the case where there is a signal skew and the n-block and p-block are triggered, a large

short-circuit current occurs. This normally does not happen in a properly designed circuit.

The current estimation in a CMOS gate is summarized as follows:

1- The pull-up network is replaced with an equivalent transistor, This is a valid
approximation for complementary logic CMOS circuit. In fact the pull-up conducts only
for the duration of the input trigger transition, when all inputs to the pull-up will be at Vpp
all transistors in the pull-up will be cut-off. An example of the resulting circuit is shown in
Fig.2.9.

2- Determine the trigger transistor. The first transistor that creates a path to ground is
selected as the trigger transistor. We assume that voth triggers are the same for the pull-up
and pull-down.

3- Determine the shortest “on” path P in the pull-down from the output node to the ground

(Fig. 2.9).
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4- Collapse all parallel/series networks of “on” transistors in parallel with any transistor
included in P into an equivalent transistor by series/parallel transformations. The result of

this step is a network of series connected MOS transistors shown in Fig. 2.10.

S- The circuit of Fig. 2.10 is then collapsed in two ways to obtain two equivalent gates. Gate
1 is used to estimate the capacitive current surge due to the switching (Fig. 2.11), and gate
2 is used to estimate the capacitive current waveform (Fig. 2.12). Gate 1 is obtained as
follows, all transistors in the pull-down (Fig. 2.10) from the drain of the trigger Ti to the
output node are collapsed to one transistor Ttop (Fig. 2.11), and all the transistors from the
drain of the trigger transistor to the ground are collapsed to one transistor Tbottom (Fig.
2.11). This way of collapsing gives a good approximation of the current surge due to
switching because all the capacitance nodes below the trigger are discharged and all the
capacitances nodes above the trigger are charged. Gate 2 is determined as follow, all the
transistors from T2 to Tn (Fig 2.10) are collapsed to an equivalent transistor (Fig. 2.12).
The collapsed gate gives a good estimate of the capacitive current waveform. The circuit is
collapsed in this way because T1 will start in saturation mode while all other transistors (T2
to Tn) will be in the linear mode. In this step we use the models of Fig. 2.11 and 12 to
determine the capacitive current. The effect of the pull-up is neglected and is considered

separately in step 7.

6-In order to estimate the shori-circuit current, the stage is collapsed into an equivalent
inverter shown in Fig. 2.13. The pull-up current is neglected when estimating the output
voltage waveform, this waveform can still be used to estimate the short-circuit current. The
estimation of the short-circuit current is presented in section 3.3. The delay of this gate is
estimated and the output fall time is determined. The delay estimation is presented in

Section 3.4.

7- Finally, the short-circuit and capacitive current waveforms are combined using EQ. 2.1

to estimate the supply current,
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2.6- Collapsing a Complex CMOS Gate

Collapsing a complex CMOS gate to an equivalent simpler circuit is a widely used
approach in order to reduce the simulation time. To achieve a good accuracy, the collapsed

circuit should preserve the delay, power (charge conservation) and current waveforms.

2.6.1- Delay considerations

To illustrate the delay comparison between a series-connected MOS network and

an equivalent transistor we take a series-connected transistors network of Fig. 2.14.

1
Vpp- [ T1 gcout
2

Vpp-{ [ T2
3

Vp D"'| Ti

n-1

VD D -I Tn- 1
n
Voo~{ [ Tn

Fig. 2.14 Series-connected MOS transistors

Assuming a step input and a large load compared to the node capacitances, a straight
forward solution of the problem is presented in [6) for long-channel CMOS transistors. We

present this solution to illustrate the collapsing considerations. Neglecting the node
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capacitance current, because of the large load we can write:

Idl =1d2= t..=1d"= o-0=ldn

The drain current of transistor T; in the linear region is given by:

1 2
I; = Bi[(VDD-VT—VH»l) Vi=Vis ) =5 Vi=Viy ) ]

This can be re-written as follows:
L T w=vyv- b2 Ly
B = [( pp~ V) i"i‘i]"[(/DD‘VT)V.'H‘QV.'H] (EQ.22)
]

defining f(V) = (Vpp - V) V-1/2 V2 we can write:

11
El = f(vl) "'f(vz)

Iy

B, f(Vy) =f(V3)
2

1

i

= f(V‘-) ‘"f(v,'+1)

o

I, :
a =f(V,) -f(0)
B
adding all the above equations and simplifying, we have:
n 1‘_
= =f(V,) =f(0)
1 B;

Since all drain currents are equal, /; can be taken out of the sum and the equivalent

conductance will be:
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Assuming equal transistors sizes:

2

Begu = = Q. 23)

n

For this simplified case we can conclude that the delay in n series-connected MOS
transistors is n times the delay of a single transistor. An RC model will predict that n series-
connected MOS transistors will have n times the delay of a single transistor when the load
capacitance is dominant. This relation does not hold for short channel transistors, and the

delay ratio is given in [6] by:

B(n=-transitors) 1. Vdsar . _ _ €0, 24
B (inverter) ~§N(1—VT) (1-7)(n-1) Q.24)

where Vdsat is the saturation voltage when Vg = Vpgs =Vpp
Vr is the threshold voltage
N is an empirical factor
y is the body effect coefficient

In the case of a small output load capacitance an RC model predicts that n series-
connected MOS transistors with small output load capacitance will have a delay n? time the
delay of a single inverter, However in [6], it is shown that the situation is more favorable
for series-connected MOS transistors and EQ. 2.4 is still an acceptable approximation. The
physical interpretation of the ratio improvement in the submicron region is that each
transistor will have a smaller Vpg compared to a single transistor and therefore the velocity
saturation is less severe in series-connected MOS transistor, so the current improvement

induced by the smaller Vpg dominates e degradation induced by the body effect.



Therefore EQ. 2.4. is an acceptable approximation for both large and small loads. For the
purpose of our model the equivalent transconductance is obtained in the same way as in EQ.

2.4 for a long-channel devices and in EQ. 2.4 for short-channel devices.

The problem is more complex for a complex series/parallel connected MOS
network. Different work has been <one on delay estimation in RC trees [11] [12] and
applied to MOS pass networks [13], but the improvement in the quality of results when
applying these methods to complex series/parallel connected MOS transistors is not
obvious. For the purpose of our model we apply EQ. 2.4 and 2.5 for series-connected
transistors, in the case of parallel transistors, their conductance is added in order to obtain

an equivalent transistor circuit.

2.6.2- Charge considerations

Another important issue in the collapsing process is the charge stored in the circuit.
The dynamic power dissipation of a CMOS circuit with a DC power supply is proportional
to the charge stored in the circuit. In order to model the average power dissipation
accurately, the original circuit and the equivalent circuit used by the model must hold the

same charge stored. This can be shown as follows:

T
1
Pavg = TJ‘VDDIDDd‘
0

Since Vpp is constant, it can be taken out of the integral:

avg

Voo

Voo
Pavg = TQ

where Q is the charge stored in the circuit:

Payg = 00 (EQ. 2.5)
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To model accurately the average power dissipation in the network, we have to determine

the charge stored in the network, before switchingi.e.:

Q=YCVi(t=0)

Where C; is the node capacitance and Vi is the node voltage.

So in order to have the same charge in the two circuits we must have:

(EQ. 2.6)

EQ. 2.7 is used to estimate the initial voltage in the equivalent circuit. This equation is
particularly important in series-connected transistors. For example given the network of
Fig 2.14, if transistor Ti is the trigger transistor, then all the nodes above Ti are charged to
Vpp-VT except the output node which is charge to Vpp and all the nodes below the trigger
are at Ov. Using EQ. 2.7 the initial voltage in the equivalent circuit becomes dependent on

the transistor triggered.

2.6.3- Body effect in series-connected MOS transistors

In order to model series-connected transistors correctly, we have to take into
account the back-gate bias effect, the maximum threshold voltage at the pinch-off point is

given by [5]:

5 172

Y Y
Vi, = Vr,.o”n{(-f-"g”n /2¢F+2¢F) + 2¢F+-2—”} (EQ.2.7)

Where V1, is the threshold voltage with Vgg =0, V¢g being the voltage difference
between the source and the body, T, is the body effect coefficient, @ is the equilibrium
Fermi level potential and V ¢ 1s the gate to substrate voltage. When transistors are operating

in the linear region, the threshold voltage is approximated by the average of the maximum
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and minimum voltages [5]:

Via = ‘0—2—" (EQ. 2.8)

While for transistors operating in saturation, the threshold voltage is expressed asav

Ine

where a is a correlation factor ranging from 0.5 to 1.0.
2.6.4- Multiple input transitions

In the case where multiple input transitions occur, the first transistor that creates a
path to the ground is selected as the trigger. The problem arises when the pull-down

network has a delayed trigger input(s) that sets a new path(s) to ground when the gate is

still switching. This case is illustrated in Fig. 2. 15.

Vdd—| Pljl?l

inputl [ —i
input2 _J_ €7 E '—]

Fig. 2.15 Delayed trigger transition

Input 1 arrives first and sets path P1 from the output node to the ground. While the gate is
still switching input 2 arrives and sets path P2 from the output node to ground, and affects
the current waveform. This problem is solved by defining a time windcw from the time the
first path to ground is created until the time the output node is completely switched. If there
is input transitions in that time window, the pull-down is collapsed again each time a new
path is set by these delayed transitions. The current waveform is adjusted according to these

new paths. This procedure is illustrated in Fig. 2.16 for the circuit of Fig. 2.15.
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Fig. 2.16 Current adjustment for a
delayed trigger input

The circuit of Fig. 2.15 is simulated using SPICE level 3 to show an example of this case.

The supply current is shown in Fig. 2.17.

Y x 10-6

160.00 - ]
140.00 |- —
120.00 |- -
100.00 |— —
80.00 | —

Current

60.00 —
40.00 — —

20.00 |- \ —
0.00 | l X x 109

0.00 100 2.00 3.00
ume

Fig. 2.17 SPICE simulation of a circuit
with a delayed trigger transition

26



CHAPTER 3
Analytical Model of Long-Channel MOSFETs

3.1- Introduction

As discussed earlier our approach to current estimation is based on event driven
similation. A piece-wise linear model is used to estimate the supply current waveforms.
The supply current in each stage is estimated from the capacitive current and short-circuit
current. In this chapter we present the analytical model for capacitive current and
short-circuit current estimation in a gate. Also, the delay and output rise/fall time are
determined. The rise/fall times of the output node is particularly important in the estimation
of the supply current, since it has a direct effect on the short-circuit current and the
capacitive current waveform shapes. The supply current for each stage of the multi-stage
network is shifted by the corresponding delay time. Finally all the supply current
waveforms are added to estimate the total supply current. We assume throughout the

analysis a long channel MOSFET model.

3.2- Model Description

We assume that the output node of the gate is switched from high to low, the other
case is symmetrical. As was presented in Section 2.2, in order to estimate the capacitive
current in a complex CMOS gate, the pull-down is collapsed to a series-connected MOS
network. Fig. 3.1 shows such network. Before the switching of the trigger transistor, all
the nodes capacitances above the trigger are charged to Vpp - Vr and all the nodes

capacitances below the trigger are discharged to 0.

First we model the current waveform if the input trigger is a step input, the case of

a ramp input will be discussed in Section 3.4. When the trigger transistor is switched *“on”
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a current surge occurs due to the switching (segment 1, Fig. 3.2). All transistors from T2 to
Tn are in the linear region, T1 starts in the saturation mode (Fig. 3.1). When T1 is in the
saturation region the internal node voltages rise to a plateau value for the nodes below the
trigger, and fall to a plateau value for the nodes above the trigger as shown in the example
of Fig. 3.2. Whether the node voltages will reach their plateau value depends on how long
T1 stays in the saturation region. If the internal node voltages reach their plateau value
(segment2, Fig. 3.2), all the capacitances C, to C,, currents are almost zero, except for the
current in the load capacitance C;. The current/ ), in this time is constant. C; continues to
discharge until T1 gets out of the saturation region and passes to the linear mode. When all
transistors are in the linear mode, all internal ncde voltages will fall to 0 (segment 3, Fig.

3.2). This behavior is illustrated in Fig. 3.2.

1
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Fig. 3.1 Current in series-connected MOS transistors
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Fig. 3.2 Capacitive current model

Our model is based on 3 time segments (Fig. 3.2). Segment 1 represents the period
where all internal nodes are charging or discharging to their plateau value. The duration of
this segment is 7, z; is defined as the time it takes for the internal node voltages to charge
to within 1% of the plateau value. The ground current during this period will rise to linit
then fall to a plateau value /4. The value J;,;, can be larger or smaller than / 4., depending
on the transistor triggered. Segment 2 with duration r, represents the period where all
internal nodes are at their plateau value. The ground current in this segment is constant at
I 455 Segment 2 is omitted if T1 gets out of the saturation before the internal nodes reach

their plateau value, and the current will be modeled only by Segment 1 and Segment 3, and
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lyss is replaced by I.,,(t;) which represents the capacitive current at f;. Segment 3
represents the period where all the internal nodes discharge from their plateau value to 0.
The duration of this segment is ¢;. The ground current in this segment will fall from /4, to
0. The current waveform in general will take the 4 shapes shown in Fig. 3.4. For the purpose
of mathematical correctness, the 3 time segments described are defined as follows, segment
1 starts at t=0 and ends at t=t;, segment 2 starts at t=t; and ends at t=t, and segment3 starts

at t=t, and ends at t=t3. This is illustrated in Fig. 3.3.

Segment 1 Segment 2 Segment 3

0 4y I i3
| | | |
! I | |
-t - -t L -
Is la i

Fig. 3.3 Segments definition

3.3- Circuit Analysis for a Step Input

In this section we propose to determine an analytical approximation of the
capacitive current in series-connected transistors. The short-circuit current is zero for a step
input. Fig. 3.1 shows a network of series-connected MOS transistors. This kind of circuit
has been analyzed in [5] to estimate the delay in domino-logic circuits. We use a similar
approach to derive the current waveform for a step input. For our analytical analysis one
input will be selected as the trigger. The capaciiive current !, is equal to the sum of all the

currents in the node capacitances (Fig. 3.1):

T dv;
lop = S.Co’ (EQ- 3.1)
1

!
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The goal of the model is to get an accurate peak current, average current and
instantaneous current. In order to model the average accurately, the charge in the original
circuit and the equivalent circuit must be the same. The peak current in series-connected
MOS network is more difficult to estimate, it depends on the circuit topology, transistor
switched, node capacitances and transistor sizes. As can be seen in Fig. 3.2 the peak current
can have two values I;,;,, I 5. depending on the case that will be discussed later. The value
/455 can be determined accurately, but /;,; is more difficult to estimate since it depends
strongly on the node capacitances, transistor sizes and the trigger. In order to have an
acceptable estimate of /;,;, we use the approximation shown in Fig. 3.5. Assuming that
transistor Ti is the trigger, all transistors from node i to the ground are replaced with an
equivalent transistor, and all corresponding capacitances are added into Cequ- From the

resulting circuit /;,;, is determined.

1
Ti
Vad *Idl ‘l; i
2

....................................

Swing

(Tngger)__I Idl
2 — Swing -l Tequ Cog> Iinit

Vaa — Iij Idn i

Fig. 3.5 I;,; estimation

This approximation is valid for fast inputs and gives an acceptable estimate for practical
input rise and fall time. In the case of a step input, the current in the equivalent circuit starts

at:



g

Bequ

Iinit = 5 (VDD - VT)2 (EQ. 3.2)

Bequ represents the transconductance of the equivalent transistor and Vp the threshold
voltage. We model the instantaneous capacitive current using a piece-wise linear model
given some important points shown in Fig. 3.2. For the case of a step input these points are
given as (time, current) are (), ;). (t1, 1 450), (12, 1 455), (13, 0). Our mode! is based on these
four (time,current) points in ‘'he current waveform. In this section we derive these points
analytically. For a step input the pull-up current will not be considered, since the PMOS
pull-up transistor will be cut off immediately. Before switching transistor Ti in Fig. 3.1, all
the internal node capacitances above Ti are charged to V pp - V T approximately, except
the output node which is charged to Vpp, and all the internal nodes below Ti are at Ov.
When the trigger wransistor is switched on, T1 will be in saturation, and all the other MOS
transistors will be in the linear mode. Transistor T1 will act as a voltage controlled current

source, and the current is given by [5]:

Iy = % [Vop = aVp, = v, (017

Where o is a correlation factor ranging from 0.5 to 1 presented in Section 2.6.3, pp. 25. Two
cases are to be considered, case 1 when the internal nodes (i.e. node 2 to n, Fig. 3.1)
capacitances reach their plateau values while T1 is still in saturation and case 2 is when T1
gets out of the saturation region before the internal node voltages reach their plateau values.
Fig 3.5 shows the equivalent circuit used to estimate the capacitive current. Tequ is the
equivalent transistor for all transistors from T2 to Tn, the equivalent transconductance of
the Tequ is given by EQ. 2.4 for long channel transistors. Cpg, represent the sum of all the
node capacitances Cy to Cn (Fig. 3.1). When lumping node capacitances, the equivalent
circuit (Fig. 3.6) must have the same charge as the original circuit (Fig. 3.1)..

n
Evici = v2Cequ
2 1=0 t=0
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Then we can set the initial node 2 voltage at:

Y .C; (1= 0)

v,(0) = 2 (EQ 3.3)

Fig. 3.6 Equivalent circuit for the estimation of the capacitive current

3.3.1- Case 1: T1 stays in saturation until all node voltages reach their
plateau values)

Fig. 3.2 shows a typical case 1 circuit. The internal node voltages (i.e. node 2 to n,
Fig. 3.1) reach their plateau values while T1 is in saturation. In this case the capacitive

current waveform will be modelled based on 3 segments.

Case 1, segment 1: When T1 is in the saturation region and the node voltages are charging

(or discharging) to a plateau voltage. This segment has a duration of 1

Case 1, segment 2: All internal voltages are settled to a plateau voltage and T1 is still in

the saturation region. The duration of this segment is ¢,

Case 1 Segment 3: When T1 leaves the saturation region to the linear region. All

transistors are in the linear mode. The duration of this segment is #,.

We will analyze these segments in detail to show how the different parameters are derived.
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i- Case 1, segment 1

Segment 1 starts at the time the trigger transistor is switched and ends when the
internal node voltages is within 1% of plateau value. The current rises to [, at the

beginning of the segment and equals to ] at the end.

a- Current at the beginning of segment 1, I;,;;

The estimation of 1;,;, was discussed earlier in section 3.3. and is given by EQ. 3.2.
b- Current at the end of segment 1, I 5,

When all internal node voltages reach their plateau values all the voltages V; will be
stabilized momentarily in this period. Then all the currents in the capacitances will be zero,

. dv; . .
since all —"=~0 . The currents /4; and /z (or Ioqp) of Fig 3.5 are given by:

p
In = -21[VDD-OLVT,,—vz(t)]2 (EQ. 34)
Iy = Bequl:(VDD—V;;)Vz(I) —%V2(l)2:| (EQ. 3.5)

Since at the end of segment, I;; = I, we can equalize the two above equations and

resolve for v, which is the plateau value at node 2. vo is given in [5]:

EQ. 3.6
Q—JQz—n(n+1)V3 =229
Voss = n+1
Where Q = nV,+ (Vpp=Vr,)
B,
n =
Bequ

Ve = VDD - 0‘VTn
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Once v, at the end of segment 1 is known I.4p at the end of the segment is given by:
_ _ = 12 (EQ. 3.7)
IC“P- Idss - ﬁequ l: (VDD - VTn) V2ss™ ivz.ss]
b- Duration of segment 1, £
We know now the value of the capacitive current, /4 at the end of this segment. We have
to determine the duration of this segment. The duration ¢ is the time needed for node 2 to

reach 99% of v,,. The node equation at node 2 for the circuit of Fig. 3.6 is given by:

B — 1
7 Wop=v2(0=aVp,1? = Coly, 1) + B, (VopVr) v- 595
Resolving the above differential equation will lead to [5]:
(1) if vo(t=0) < 22 Arel
PR L EQ. 3.8)
V) = e
2 a,- o AITB
(2) if vy(t=0) > a2
—At+8
a,+a,e
v,y (1) = _L_lm (EQ. 3.9)
a, +e

Where:

Once we have the expression of v 5 (t), we can determine ;. Since v,(t) cannot reach vy

within a finite time, we choose 0.99 v as a level to calculate 7

Cy
ts = -B-——-‘;}[B—'hl

equ

0.99vy o — al

] (EQ. 3.10)

¢- Charge lost during segment 1
To determin: the charge lost by the circuit during segment 1 (charge lost from capacitance

Cj and Cpyy) we have to determine the internal node voltages at the end of segment 1. The
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a;, a4 =

nV, + Vc+[ nVe+VC

an
=V,tV,

n+1 n+1 Y
4 - Bequ(n+l)Vf
nCequ
V2(O)_az
B -In(vz(O)—aI)

V, =Vpp—-aVyp,

V. =Vpp—Vp,

voltage at nede 2 of Fig. 3.6 starts at v5(0) and equals to v, at the end of this segment. The

voltage at node 2 starts at Vpp and equals to vy(z,) at the end of this segment.

AQy = G Vpp—r (Y1 -C

equ [v2 (0) - v2ss]

(EQ. 3.11)

v2(0) and vy are given by EQ. 3.3 and 3.6. We need to determine v; (z;). The expression of

vi(t) in this segment is given by:

vi(t) = Cilvy+Kin(v2(1) —a)) + Kyln(v2(¢y) —a,) ]

where v,(t),A,al,a2 are given in EQ. 3.8 and 3.9

AC
o 4Ch,
2
0 = (a,-V,) (20,-V,_ -ay)
b a;—a;
(a,-ay) (2a,-V,—a,)
k2 =

a;~ 4

(EQ. 3.12)

The derivation of EQ. 3.12 is given in appendix A-1.

37



ii- Case 1, segment 2
In segment 2 all the node voltages (i.e. node 1 to node n, Fig. 3.1) have settled to a
practically constant value, and T} is still in the saturation region.
a- Current during segment 2
Since vy is constant, transistor Ty will act as constant current source. And the value of the

current is given by:

—_— 1 2
Tyss = Bequ[ Vpp=-Vr)v2— i"z] (EQ.3.13)

b- Duration of segment 2, ¢,

Lass
G
saturation region when vy equals Vpp - aVTn, in other words vy has to drop by &V, Then

The voltage at node 1 will decrease at a constant rate of . Transistor T will leave the

the duration of this segment, 1,, is given by:

aV., = [Vyap-vy ()]
{ =C,In DD 175" (EQ.3.14)
a 1 I
dss

The drain current through all transistors is the same and equals to /g, and no current is

flowing in or out of the node capacitances since the node voltages are almost constant.
c- Charge lost during segment 2
The Charge lost by the circuii during this stage AQ2 is:

AQy = Iyt (EQ. 3.15)

iii- Case 1, Segment 3

In this segment all the transistors in the network are in the linear region, and the
ground current will decrease from /4, to O during this stage. Knowing the initial charge of

the circuit and the charge lost during stage 1 and stage 2 we can determine the charge lost
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by the circuit during this period:
a- Current in segment 3

‘We approximate the current to be linear. The current starts at /4, and decreases linearly to

0.
b- Charge lost during segment 3

Knowing the charge lost by the circuit during segment 1 and segment 2 (i.e. AQ1, AQ2)
we can determine the charge lost by the circuit during segment 3:
AQ3y = Qipigiqr— (821 +4Q)) (EQ.3.16)

Where
Qinitiat = 2,CiV; (1= 0)

c- Duration of segment 3, ¢;

If we assume that the current is decreasing linearly, knowing the initial current /¢ and the
charge we can determine ¢ as:
AQ4

ty =2— (EQ.3.17)
! Idss

iv-Validity of case 1 model
In order to use the analytical model of cacel, all nodes should have been settled to

a constant voltage while Ty is still in the saturation region. This condition is satisfied when:

2] (t= ts) < ocVT'l (EQ.3.18)
and vy(t) is given in EQ. 3.12 and is evaluated att = g:
v (1) = C, [Vogy+ Ky In (vys,—ay) +Kyln (vos = ay)] (EQ.3.19)

Case 1 model is valid for large load capacitances compared to the inner nodes capacitances.

39



Case 2, that will be presented in the next section, is valid for small load capacitances.

v- Capacitive current modelling case 1 (summary)
/
1 gnd
gnd *

I init

I dss
Linit et

Case 1 -A: Iini!> ]dss Case 1 -B: linil <ldss

Fig. 3.7 Case 1 model summary
The average current dissipation is given by:

Y AT L5t
( (I ax = 1 4s5) s + (g + ) ]y + ﬁ‘_l) (EQ. 3.20)

lavg = 2 2

1
avg T

Where T is the period at which the gate is switched.

3.3.2- Case 2: T1 gets out of the saturation before the node voltages reach
their plateau values

With reference to Fig. 3.1, in this case the top transistor T1 leaves the saturation,
while the node voltages have not reached their plateau values. Fig 3.8 shows a typical case
2 circuit, where segment 2 has been reduced to zero. The top transistor will leave the
saturation state if v; will drop by V-, and all transistors will be in the linear region. In this

case the circuit will be modelled with only two segments, segment 1 when Tl is in
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saturation mode, segment 3 when T1 is in the linear mode.
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SFig. 3.8 Capacitive current Model (case 2)
i- case 2, segment 1

a- Duration of segment 1, £,
For this case we have to determine when T1 gets out of the saturation (Fig. 3.8). The
internal nodes are not settled to their plateau values. v¢(t) is given by EQ. 3.12 at t= 15
(EQ.3.21)

EQ. 3.21 cannot lead to a closed form solution for z;. Knowing that Z; in case 2 is smaller
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than 1 in case 1, which can be determined using EQ. 3.10, we use #y,, = ;(case1)/10 and
iterate t between 0 and rg(casel) and check that the condition v, (1= t) <Vip is still
satisfied, if not then that value is taken as z;. The maximum number of iterations is 10, and
we can achieve a good accuracy since vy(t) is a “smooth” function of t.

b- Current at the beginning of segment 1, £;,;,

The estimation of Iinit was discussed earlier in section 3.3. and is given by EQ. 3.2.

c- Current at the end of segment 1, Teap(ts)

Knowing t;, we can determine v,(ts) (EQ. 3.8 and 3.9), Icap(ts) is given by:

1 2
Teap (1) = By | (Vp=Vra)vy t) - 5v, (49 ?] (EQ.3.22)

d- Charge lost during segment 1

The charge, AQ lost by the circuit during this stage is:

A0g = v (0) =vq (1)) Cq+ [V (0) = v, (1)1C, ., (EQ. 3.23)

ii- Case 2, Segment 3
a- Charge lost by the circuit during segment 3

At this stage transistor T will leave the saturation region and all other transistors will be in
the linear mode. Knowing the initial charge of the circuit and the charge lost during period

1 we can determine the charge lost by the circuit during this period:
803 = Qipitia1 = 221 (EQ.3.24)
b- Current in segment 3

current starts at Icap(ts) and decreases linearly to 0.

¢- Duration of segment 3, ¢,
If we make a linear approximation of the current, since the initial current Icap(ts) and the

charge AQ2 are known then we can determine the duration #; of this stage:



AQ3

= 27__ (EQ. 3.25)
dss

iii- Capacitive current modelling case 1 (summary)

The general model of the current for case 2 is divided into 2 basic waveforms, case
2-A where Iy > 10q,(t5) and case 2-b where 15, > Icap(8)- This model is valid for case 2

when T; leaves the saturation region and the node voltages are still charging (or

discharging) to their plateau value.

> >
t L t
Case 2 - A: Lijpjp > Iy Case 2 - B: [jp; <1 g5
Fig. 3.9 Case 2 model summary
The average power dissipation will be given by:
1 (=Tt I
Loy = 7 (—E 82+ =) (EQ. 3.26)

Where T is the period at which the gate is switched.

iv-Validity of case 1 model

In order to use the analytical model of casel, all nodes should have been settled to

a constant voltage while T} is still in the saturation region. This condition is satisfied when:
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(EQ. 3.27)

Case 2 is valid for small load capacitances compared to inner nodes capacitances.

3.3.3- Summary of the Model Parameters Calculations

Calculate /;,;, from EQ.

v

Calculate vy, from EQ.

Y

Calculate /4, from EQ.

¥

Calculate ¢; from EQ.

L2

Calculatev(t,) fromEQ.

—

Case 1 Case 2
Y L 2

Calculate AQ; from EQ. Recalculate ¢, from EQ.
v v

Calculate 1, from EQ. Calculate I;,(15) from
Y v

Calculate AQ, from EQ. Calculate AQ; from EQ.
2 v

Calculate AQ; from EQ. Calculate AQ3 from EQ.
Y K J

Calculate 1, from EQ. Calculate 1; from EQ.
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3.4- Circuit Analysis for a Ramp Input

The model strategy for a ramp input is to build on the model derived for a step input
as shown in Fig. 3.10. The input signal slope affects the ground current waveform during
the rise time. During this time some model parameters, derived for a step input, are
affected. When the input reaches Vpp, the same model derived for a step input is used. For
the case of a ramp input, we have to take in consideration the short-circuit power
dissipation. The short-circuit power dissipation is in general less than 20% of the total
power depending on the load and the input rise time [7]. Therefore the output voltage is
mainly determined from the dynamic power dissipation. The pull-up current can be
neglected when determining the output voltage. Still this voltage can be used to calculate
approximately the short-circuit power dissipation [8]. Although this means that we
neglected the short-circuit power dissipation when both transistors are conducting, it is an
acceptable cpproximation as long as the short-circuit power dissipation is small compared
to the power needed to charge the output node capacitor [7]. The additional parameter we
have to determine is the charge, AQ contributed by the pull-up during the transition time
(Fig. 3.10).

The short-circuit current effect is included by adding the pull-up current estimated
to the ground current. In order to determine the pull-up current we use the equivalent circuit
shown in Fig. 3.11, where all the pull-down transistors are collapsed to a single transistor
Tn and the pull-up transistors are collapsed to Tp. We use the same approach derived in {7].
This approach is to estimate the output voltage neglecting Ip and still use the results to
estimate Jp. This a valid approximation as long as the short-circuit power dissipation is

small compared to the dynamic power dissipation.
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Fig. 3.10 Current modelling for a ramp input
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Fig. 3.11 Equivalent circuit for short-circuit power estimation

3.4.1- Closed-form solution of v,

The analytical analysis of an inverter with a ramp input is derived in [7], the closed form
solution of the output voltage are given for the following two regions of operation:

(1) Pull-down in the saturation region
Bequ
2C

equ

(st~ Vi) (EQ. 3.28)

Vour = 1=

(2) Pull-down in the linear region

Two cases are identified:

a- input is still a ramp

In this case v, is given by:

B,..v ) 2
".‘ (38— Vr) 1 + nquuVDD e’f( nguVD[)v’a’t)—e’f JB‘Q“VDD (3‘- VT)
Vour B... Voo¥l., 8C¢qus 2C¢qus ZC“’“S

(EQ. 3.29)

Where:
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Vour Vsar VT are normalized to Vpp.
Vsiep is defined as the value of v,,, when the input reaches Vpp.
vy is defined as the output voitage when Tn switches from the saturation region

to the linear region, and is given by:

_ BeunDD 3
Voar = 1= “6sC.. sat
u
b- input reaches Vpp “
In this case v, is given by:
.3.30
1 _ 1 1. (Voo—=Vr 1) ¢t~ Bequ Vop=V7) EQ )
RS 4 A e Y
Vour Vpop—Vr Vstep

3.4.2- Short-circuit current

Once the output voltage V,, is known the pull-up current (short-circuit current) is solved

and we get:
v, -V )2 for Vin= V1P <Vour
Bp[ Vin=Vpp = Vrp) Vou=Vpp) = ——5— >
Ip =
Py — - 2
2 (Vin=Vpp Vrp) for Vin™ VTP > Vout
(EQ. 3.31)

Iterating EQ. 3.30 between 0 and ¢,, using tstep = 1,/10 we can determine the pull-up peak
current Ipmax in 10 iterations.

3.4.3- The effect of the input rise time on I;,;,

The input slope affects /;,;, and its timing. We estimate this value using the same method
used for the step input. All transistors from the trigger to the ground are collapsed into Ty,

and all the corresponding node capacitance are lumped into Cgqy,. The effect of the
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transistors between the trigger and the output node is neglected (Fig. 3.12).

"I | g Ctop

Tequ

1
/
-I ycap $ Cequ
v
Fig. 3.12 linit estimation for a ramp input

The equations derived for this circuit are the same as EQ. 3.28, 3.29 and 3.30. The current
during the saturation is an increasing function of the time, as shown in EQ. 3.31, then the
peak current occurs during the linear region. The voltage in the linear region is given by EQ
3.28, 3.29. Therefore the current is given by:

a- Tequ in the saturation region

oy = Pequn (st-Vp? (EQ.3.32)
b- Tequ in the linear region 2
v?

Where v; is given by EQ. 3.27, 28 and 3.29 replacing v,,,, with v;.

In order to find the peak value of the current and the timing of the peak EQ. 3.32 is iterated
from g, to tr. Where £, is defined as the time when Tequ gets out of the saturation, and ¢,
is the input rise time. 5,4, is given by:

Viat Vy (EQ. 3.34)

t = e

sat s

Finally in order to include the effect of the short-circuit power dissipation the pull-up
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current waveform is added to the ground current waveform.

3.5- Delay and Output Rise/Fall Time Estimation

In order to estimate the delay in a CMOS gate, the gate is collapsed into an
equivalent inverter. The delay is defined as the difference in time between when the input
reaches 50% of Vpp and the time the output reach 50% of Vpp. Equations 3.27, 3.28 and
3.29 describe the output voltage. When the output node reaches 0.5%Vpp, Tn will be in the
linear region. Therefore in order to have an expression for the delay we have to resolve EQ.
3.28 or 3.29 for t, unfortunately we can’t have a closed form solution for t at v, = 50%
Vpp. The same argument applies to the estimation of the output fall time, which is defined
as the difference between the time the output is at 90% of Vpp and the time it reaches 10%
of Vpp. Since Tn will be in the linear region when the output will be at 0.1*Vpp, then to
estimate the propagation delay and fall time EQ. 3.27, 3.28 and 3.29 are numerically
evaluated for a defined time step to have an accurate delay and output rise/fall time. The
time step can be fixed ro At in order to estimate the delay to in order to estimated the delay
Ataccuracy. A macro model of RC time constant is used to evaluate At. For practical delay
and output rise/fall time the number of iterations should not exceed 20 iterations. We cannot
use in this case a simple RC model for the estimation of the propagation delay and rise/fall
time, because the rise/fall time particularly has an effect on the current shape and need to

be estimated accurately.

3.6- Discussion

Our model has been presented, it is based on basic current waveforms determined
analytically from CMOS circuits and is summarized in Fig. 3.13. To prove the validity of
our model, in the next Chapter we present a detailed comparison between our model and

SPICE for different circuits.
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Case 1-A Casel.B_I Case2-A Case2-B

Fig. 3.13 Model summar, for a high to low switching of a CMOS gate
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CHAPTER 4

Comparison of Analytical Supply Current with SPICE
for Long-Channel MOSFETs

4.1- Introduction

In order to verify the accuracy of our model, we will compare it to SPICE level 3.
The comparison is made for different kinds of complex circuits, and by varying all the
parameters that affect the current. The current depends on the load capacitance, the node
capacitances, the transistor switched, transistor sizes and input rise time. By varying these
parameters we can quantify the difference between our model and SPICE, and prove its
validity. In Section 4.2 we perform time-domain current waveform comparisons between
SPICE and our model on a 5-input nand gate, and by varying different circuit parameters.
Also a comparison of the peak current and average current is done. In Section 4.3 we
analyze a dynamic-logic circuit with pass gates. In Section 4.4 we perform comparisons on
the supply current waveforms in a carry look-ahead adder circuit. In Section 4.5 a
comparison of the supply current for a parity generator are made. The model results showed
a good agreement with SPICE estimates for the circuits described. Our results give an

overall 10% deviation from SPICE.

4.2- 5-Input Nand Gate

In this section we compare our model to SPICE for a 5-input nand gate (Fig 4.1).
The transistors channel length is 3 microns. The comparison is done for the capacitive
current and the short circuit current used to derive the supply current. For the purpose of

proving our model we added the node capacitances as shown in Fig. 4.1.



Y ishor
Inpuu_d[: Inpu2 —d[: Iopu3 1npm_g_d[: lnpu_ls_da

Output
it AL ie
v it B
Input3 'I[_i Cs
Tnputd -l[—i .

1

Inputs -'l Cs
In =Icap + Ishont

Fig. 4.1 5-input nand gate

4.2.1- Effect of the load capacitance on the current

The effect of the load capacitance on the current is shown by varying C1 (1 fF, 10 fF, 50 fF,
100 fF, 200 fF). Transistor T5 is switched with a rise time of 1ns and all the other inputs are
kept high. The short-circuit current for a Ins input rise time is negligible and the current is
mainly capacitive. The model and SPICE results are shown in Fig. 4.2. The model results

give a good agreement with SPICE as shown in Fig. 4.3.
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Fig. 4.2 Time-domain current waveforms for different loads
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Fig. 4.3 Comparison between the proposed model and SPICE
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A more detailed comparison between SPICE and our model is shown in Fig. 4.4 and the
difference is shown in Fig. 4.5. The average current increases linearly with the load
capacitance. There’s a step difference between the curves for different transistors switched,
because some node capacitances will be charged or discharged depending on which
transistor is switched. An empirical factor for small loads is introduced. The load

o

capacitance is multiplied by 1+4—2-, where A is an empirical factor (A = 2.0 for this

Claad

process), and C, is the gate to drain capacitance. Fig. 4.4 shows an excellent agreement
between SPICE and our model, the percentage difference is less than 1% as shown in Fig.

4.5.

Y x 10-6

18.00 SPICE 3

16.00

Average current (A)

1.00 2.00 300 Xx1013
Load capacitance (F)

Fig. 4.4 Average capacitive currents for different loads
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Fig. 4.5 Difference between SPICE and model for different loads

The effect of the load capacitance on the peak current is shown in Fig. 4.6. The peak current
is not affected by the load capac'tance, because the bottom transistor is switched and
especially for fast rising time input, the peak current is only dependent on the capacitance
just above the trigger transistor. The physical explanation is that the node transistors will
have a tendency to discharge one after the other for fast inputs. The peak current is
dependent on the trigger transistor as shown in Fig. 4.6. As discussed in Section 3.2 the
peak current can be equal to either /;,;, or /4. /4 is independent of the load capacitance
(EQ. 3.7). I;,;, depends on the node capacitances and is affected by C;; and is more difficult

to estimate. The model gives an acceptable approximation of the peak, and the percentage

| | |

1.00 200 3.00
Load capacitance (F)

difference is less than 10% as shown in Fig. 4.7.
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Fig. 4.6 Peak capacitive current for different loads
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4.2.2- Effects of nodes capacitances on the current

The effect of the node capacitance on the current parameters is shown in Fig. 4.8 by
varying C3 and taking T1 as the trigger (Fig. 4.1). The Average current increases linearly
with C3 when a transistor bellow C3 is switched (T1, T2, T3) since C3 is charged before
the switching in these cases. The Average current is independent of C3 when a transistor
above C3 is switched (T1, T2), since C3 is not charged before switching. Fig. 4.9 shows
less than 2% difference between our model and SPICE (Fig. 4.9). Fig. 4.10 show a

comparison of the current waveform for C3 = IfF.
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6.00 |
5.00 |o
4.00 | g gt

SPICE

------------

Average current (A)

T1 trigger —

| | R
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Fig. 4.8 Average capacitive current for different C3 values
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4.2.3- Effects of the trigger on the current

The effects of the transistor switched on the peak and average current are shown in Fig. 4.11
and 12. The peak and average current are higher when a transistor closer to the ground is

triggered.
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Fig. 4.11 Effect of transistor switching on the peak capacitive current

Y x 10-6

750 T [ | I
7.40 |

730 ]
7.20
7.10
7.00
6.90
6.80
6.70
6.60
6.50
6.40
630 |-
6.20 |
6.10 |
6.00 —5

oe—

— SPICE
— o model

T
l

!

Average current (A)
F 1T T 1T 171
N O I O |

|

{

| 1 | i
T T2 13 T4 15 X

Transistor triggered

Fig. 4.12 Difference between SPICE and the model for different trigger
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4.2.4- Effect of the input rise time on the current

The effect of the input rise time on the average and the peak current is shown in Fig. 4.13
and 14. The average power dissipation increases with input rise time, because the short-
circuit power dissipation increases. The peak current decreases for slower input transitions

as shown in Fig. 4.14,
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Y x 10-6 — SPICE
| I | | 171 ... model

oS
38

IRRLLERRARARARRR A BRRA AN

S

SIS NSNS NSNS
BESS8383233

Peak pull-down current

B SO0 MO DO IS IR BT O
&S

INENN NI NEEN RN SN NN NN

882382532

SRASD AN A

D |y

0.00 2.00 400 600 8.00 10.00 12.00 14.00 16.00 18.00 20.
input rise time

8—1
o

Fig. 4.14 Effects of input rise time on the peak pull-down current

62



Short-circuit current

The pull-up current (short-circuit) is dependent on the input rise time as shown in Fig. 4.15
and 4.16. The short-circuit current model does not take in account the effects of the
transistor triggered (Fig. 4.15 and 4.16). This is due to the collapsing of the circuit to an
equivalent inverter to estimate the short-circuit current. The information about which

transistor is triggered is lost in the collapsing.
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4.3- Stage with pass gates

In this Section we compare our model to SPICE for a dynamic-logic circuit with a pass

gate, using 2-phase clocking (Fig 4.17). The transistor’s channel length is 3 microns. The

short-circuit current is negligible since the clock ¢, has a small rise time (Fig. 4.17). A

comparison between SPICE and our model waveforms is shown in (Fig. 4.18).
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4.4- Carry Look-Ahead Adder Circuit

In order to test the developed model with a circuit of different topology and complexity,
we have tested our model with a carry look ahead-adder (Fig. 4.19) under different input
conditions. The node capacitances are estimated from the gate, source and drain capacitances of
the transistors. The circuit is divided into stages and an event-driven simulation (Fig 4.20) is
performed, at the end all the current waveforms are combined to obtain the supply current. Fig

421 a, b, c shows a good agreement between SPICE and model estimates for the supply current.

Fig. 4.19 Carry look-ahead adder
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4.5- Parity Generator

A comparison between our model and SPICE is performed for a parity generator
circuit of Fig. 4.22. This circuit has a topology different from the previous two circuits
tested. The model is applied to the circuit, although it is not complementary CMOS logic.
The results are shown in Fig 4.23 for the charging and discharging of the output node. The

average current is within 10% of SPICE estimates and the peak is within 20%.
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Fig. 4.22 Parity generator circuit
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4.6- Discussion

We have presented an overall comparison between SPICE and our model for
various CMOS circuits of different topology and complexity, and have shown that the
percentage difference between our model and SPICE are within 10%. In the next chapter

we will discuss the short-channel effects, and how these effects are included in our model.
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CHAPTER 5
Analytical Model of Short-Channel MOSFETs

In this chapter we consider the short-channel effects on the supply current
waveforms. We applied the model presented in chapter 3 for long channel MOSFETs to a
0 8 micron technology carry look-ahead adder circuit, the results of the comparison are
shown in Fig. 5.1. The long channel model does not give a good approximation of the
supply current. The short chanrel model, that will be presented in this chapter, closely
approximates the supply current. The main reason that the long-channel electrical charac-
teristics deviate from the short-channel devices is carrier drift velocity saturation in small
geometry devices. Section 5.1 presents an engineering DC model for short channel MOS

devices, in Section 5.2 the short-channel supply current model is derived.
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5.1- Large-Signal Modeli for Short-Channel MOS

devices

A short channel model for MOS devices is presented in [9]. The model is suitable
for analytical calculations. In long channel devices the carrier drift velocity is given by
v=pE where the effective carrier mobility Hey is assumed constant and E is the
longitudinal channel field. In short channel devices u,, is no longer constant and is a
function of transverse field in the inversion layer. The velocity saturation is no longer
proportional to E due to high field effects [9]. These effects are summarized in a large-

signal model presented in [9]:

Linear region

HeyCodW 1 1 for Vps<Vpu
L V (VGS_VT-QVDS)VDS
eff DS
Ip= 1+ . .
EL, Saturation region
Kvesalcoxw (VGS - V’I) for VDS 2 vD“"” (EQ 5.1)
Where

veg,,  Carrier drift velocity saturation

C gate capacitance per unit area
w device width

Leff effective channel-length between
the source and the drain

Vbs  drain-to-source voltage

Vgs  gate-to-source voltage

V. Saturation voltage, defined as the
voltage at which the carrier drift
velocity saturates

2ve
E. isgvenhy E, = —=

Hegr

)



Viisar 1$ given by:
Vasas = (1-K) (Vgs=Vy)

where

EL !
K = (1+—£e—)
VGS_VT

L, isthe device electrical length and is given by

Le = Lef_Xd

X4 depletion width into the channel from the drain in the saturation region. X, may be

calculated as follows,

1 In (A (Vps=Vpsar) + Ed)
E

c

where

2
AWVpe—Vp..)
Ed _ J] +|: DS Dsat :|

c

A 1s a semi-empirical constant (For our 0.8u technology A = 0.2*1()8).

5.2- Current Model for Short-Channel MOS Devices

The voltage waveforms for long and short channel devices are similar, only the
time constant is different [6]. The same applies to the supply current, the overall current
shapes for both long and short channel devices are similar. The time constant and current
values are different. We apply the same modelling strategy of Chapter 3. The model
parameters are derived using the DC current equations 5.1 to irclude the short-channel
effects. A symbolic mathematical software package (Maple version 4.2, Watcom,

University of Wateriuo) has bren used to solve the differential equations.

72




5.3- Circuit Analysis for Step Input

The analysis of series-connected short-channel devices is similar to the approach
used for long channel devices. The same cases discussed in Section 3.1 applies to short-
channel devices (Fig. 3.4). In this Section we present the derivation of the model

parameters, using the modelling strategy presented in Section 3.1.

1
VopdLT1 T ©

2
Vpp-4 L T2 )
3
Cs
Swing
(Trigger) - Ci
n

Vpp

Fig. 5.2 Currents in short-channel series-connected MOS transistors

Fig. 5.3 Equivalent circuit for the estimation of the capacitive current in short-
channel transistors
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5.3.1- Casel:  TI1 staysin saturation until all node voltages reach
their plateau value

i- Case 1, segment 1
a- Estimation of I;,;,

The same methodology approximation used for long-channel devices is applied to
the short-channel device analysis. Hence the circuit of Fig. 5.2 is reduced to the circuit of

Fig. 5.4 as before. In the case a step input, the current in the equivalent circuit starts at:

2
_ uefjcox“’equ 1 (Vpp—Vy)
init — L VDD 2

I (EQ.5.2)

effc'u l +

Where:

Wcm o L ffrpn are the equivalent transistor sizes

1
T1
Voo *Idl Ci
2
. C;
sy T ;
wing ) i
(Trig,ger)_l *Idl ;E Ci

— Swing | Teql@ Cpq—> Tnit

.....................................

Fig. 5.4 Estimation of I;,;, for sub-micron devices
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b- Estimation of I ;,

Atthe end of segment 1 all the nodes capacitances are settled to their plateau values and the
current flowing in the capacitances is almost zero. Since all the transistors from T2 to Tn
are in the linear mode they are replaced by an equivalent transistor. T1 is in the saturation
mode. The equivalent circuit is shown in Fig. 5.3. Since at the end of this segment no

current flows in the nodes capacitances (i.e. Cequ) we can write:

Iy =1y
replacing /4; and / 3, by their expression of EQ. 5.1 we have:

k v
2 v, - ___22:_s) Vo, (EQ.5.3)

ky (Y, Vi) =
2ss

Where kl = Kvemlcoxw
HegCox
R
eff
k3 = EcLeff

Solving EQ. 5.1 for v, we obtain:

Vo, = % (=2 )V, + 2k kg + 2kpksV, 22 (KBV2 4 263V ky = 2k, V ko ks V, + k2K

+ 2k, k3ko V., + KEKEVE = 2K,V k3ky )2/ (= 2k, + koky) ) (EQ. 5.4)

IdSS = kl (Ve" VZSS) (EQ. 5.5)
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¢-Duration of segment 1, &

Now we have to determine an expression for 1, the current equation at node 2 (Fig 5.3) is:

Cequ;%"z () = I,—1y (EQ. 5.6)

Iy = ki (Vo=vy (1))

k, v, (1)
Iy = NENG) (Vo= ——)v, (1)
"I
Where 3
k, = u"fjcoxw
I
eff
k2 = ECLt’ff
ky = ve,,C, W
The solution for EQ. 5.6 is given by:
t, = f(0.99v2ss) (EQ. 5.7)

The full expression of f(v2) is given in appendix A.2.
d- Charge lost by the circuit
In order to determine the charge lost by the circuit during this stage we have to determine
the voltage drop Av) of node 1 (Fig 5.3). Node 1 equation is given by:
dv,

Cla—t = -l (EQ.5.8)
EQ. 5.8. cannot lead to an expression of vj(t), but we can have an expression vi(v,), and
the solution is given by:

v, = h(v2) (EQ. 5.9)
The full derivation and expression of h (v,) is given in appendix A-2. The voltage drop,

Av) during segment 1 is given by:
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Avy = h[v,(0)] = h[0.99v, ] (EQ. 5.10)

The charge lost by the circuit during segment 1 is given by

AQy = CAV =C,., [v3(0) —0.99v,,,] (EQ. 5.11)

ii-Case 1, segment 2

In this segment the current is constant and equal to /4, (Fig. 3.2), we have to
determine the duration of this stage. The duration of the segment depends on how long T1
stays in the saturation region.
a- Duration of segment 2, ¢,
T1 will get out of the saturation when node 1 (fig. 5.3) drops under Vg,,. Node 1 has
already dropped by Av, during segment land is given by EQ. 5.10. Since the current
through T1 is constant node 1 will drop at a constant rate and the duration of the segment

is given by:

VDI) - Vd.\at —-Avl

h =€ T, (EQ. 5.12)
b- Current during segment 2
The current during this stage is given by:
I, = Iy (EQ.5.13)
c- Charge lost during segment 2
The charge lost by the circuit during segment 2 is given by:
AQ, = I, (EQ. 5.14)
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iii- Case 1, segment 3

In segment 3 (Fig. 3.2) all the transistors are in the linear mode and the current will
drop gradually to 0, we model the current linearly from 7 to C.
a- Current during segment 3
The current starts at Idss and drops linearly to 0.
b- Charge lost by the circuit during segment 3
Knowing the charge lost by the circuit during segment 1 and segment 2 (i.e. AQ1, AQ2)
we can determine the charge lost by the circuit during segment 3:

AQ3 = Qiyigiar~ (821 +40)) (EQ.5.15)

¢- Duration of segment 3, 1
Knowing the charge lost by the circuit during this segment AQ3 we determine the duration

of this stage t;:

AQ,

I dss

{ =2 (EQ.5.16)

iv- Validity of case 1 model

We present a condition to use the formulas developed in case 1. In order to use
casel all the nodes should settle to a plateau voltage while T; is still in the saturation region.
This condition is satisfied when:

) (t= ts) < aVTn (EQ.5.17)
and v(vy) is given in EQ.5.9 and is evaluated at vy = 0.99 vy,

v (1) = h(0.99, ) (EQ. 5.18)

78




5.3.2- Case2: TI gets out of the saturation before the node voltages
reach their plateau values

i- Case 2, segment 1
In this case T1 will get out of saturation while the node voltages are still charging

or discharging to their plateau values.
a- Current at the beginning of segment 1, I;,;,
The estimation of linit is the same as in Case 1 and is given by EQ. 5.2.
b- Duration of segment 1, ¢,
The duration of this stage depends on when T1 get out of the saturation or in other words
drops under V ,,,. We have (EQ. 5.9):

v, = h(v2)
Unfortunately we cannot get #”! in closed form. Knowing that v, is between v5(0) and vy
for this interval, the above equation is iterated between v5(0) and vy for a maximum of
10 iterations, to determine at which value of vy, vy = Vg,,,. Knowing v, we can determine
1, from EQ. 5.7:

t, = f(v2)
c- Current at the end of segment 1, I, ()

and I,,(t5) is given by:

ky vy (L)
I, (ts) = ————— (V.- ——) v, (L) (EQ. 5.19)
P vy (L) 2
1+
ks
and the charge lost by the circuit is:
AQy = C1[Vpp—Visard = Coqu[v2(0) =099, ] (EQ. 5.20)
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ii- Case 2, segment 3
At this stage T transistor will leave the saturation region and all the transistors will

be in the linear mode.

a- Current in segment 3

The current starts at /.,,,(¢;) and decreases linearly to 0.
b- Charge lost during segment 3

Knowing the initial charge of the circuit and the charge lost during stage 1 we can determine

the charge lost by the circuit during this period:

AQ3 = Qiniiai= 82, (EQ.5.21)
c- Duration of segment 3,
If we make a linear approximation of the current (Fig. 3.2) and Knowing the initial current

14p(t5) and the charge AQ; we can determine the duration ¢, of this stage:

AQ3
Idss

f =2 (EQ. 5.22)

5.4- Ramp Input Effects

The model strategy for a ramp input is to built on the model derived for a step
input as discussed in section 3.4. We present the values affected by the input slope, the

initial current Iinit, it’s timing tmax and the short circuit current.

Tp
i
Vin. _/ l-_{ N Vou
l;ll"n +In i Cout

Fig. 5.5 Equivalent inverter for short-channel transistors
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5.4.1- Closed-form solution of v,

If we neglect the pull-up current, we can write the output node equation (Fig. 5.5) as

follows:
Pull-down in linear
Ve CoxWK (v, - Vy) ! " (EQ. 5.23)
C dvout _ k2 v vo‘“ . .
ourdy 5~ (Vin= V7= =) Vour Pull-down in saturation
1+-2
ks

The input ramp v;, is given by:

st for tSt,

Vin= {

Voo for 121,

The detailed resolution of EQ. 5.23 is given in appendix A-3, the solution is as follows:

i- Pull-down in saturation and t < tr

2
vesalCo¥ [[1 k3 ky
You = Voo — | [ 3%~ Vit =ty + = In (st =Vt kg) | = —in (= Vptky)
_ EQ.5.24
Where kq = E L, (EQ.5.24)
ii- Pull-down in saturation and t>t_
1%
_ DD
Vour = Vstep ™ vesaiCo WK (VDD - VT) O —s_—) (EQ.5.25)
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iii- Pull-down in linear region and t<t_

Yy, (”_n)l X% kv 2
1 2C, 0t 1 "*Vpp saf kst—n (EQ.5.26)
= e rey; + ol erf 8C -—erf 8C wte
Vour oo equ’® o’ equ®
v 2C, .8
dsat®
iv- Pull-down in linear regionand t >t
-(kt (=Vpp+Vy) )
1 1 [-2 (= Vorep + 2Vpp = 2Vr) (Vpp-Vyle Coa
Vout ) 2 (VDD - VT) ey (V7= VDD)) (EQ.5.27)
C -
—2V.:l¢p (Vpp-Vre "

Where 1., Vyep are the time at which the input ramp reaches Vpp
and the output voltage at that time.

5.4.2- Short-circuit current

Knowing the output voltage v,,, we can determine the pull-up current by applying EQ.
5.1

! -y Y.L - 2 _ Linear region
ky v —V Vin=Vpp~Vr 2 Cow=VoD)?) (our = Vpp)
out 'DD v =V, <V
Joo= 1-— out DD Dsa
DP k3
vega,C o, WK (v, =Vpp=Vr) Saturation region
Vour VDD 2 VDsat
= (]~ - - EQ.5.28
Viear = (0=K) (V= Vpp=Vyp) (EQ.5.28)

-1

K = (1_____5551__)
Vin=Vpp—Vr

The expressions for v,,, are given in equations EQ. 5.24, 25, 26, 27, these equation are
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iterated from O to tr to estimate the peak short-circuit current and its timing. The time step
is fixed to tr/10 to limit the number of iterations to 10.

5.4.3 Effect of the input rise time on I,;,

The Initial current /;,;, is affected by the input rise time, as discussed in Section 3.4. Using
the equivalent circuit of Fig. 5.4, the equations for the voltage at node i are the same as
EQ. 5.24, 25, 26, 27. These equations are numerically evaluated from O to tr to estimate

I} and its timing, the maximum number of iterations is limited to 10 iterations.
5.5- Delay and output fall time estimation

Given the complexity of the output voltage expressions, it is not possible to have
an analytical expression for the delay and rise/fall time, these equations are numerically
evaluated to have an accurate delay, and output rise/fall time. The time step can be fixed to
At to estimate the delay. The delay is determined at At accuracy. A macro model of RC
time constant is used to evaluate At. For practical delay and output rise/fall time the

number of iterations should not exceed 20.
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CHAPTER 6

Comparison of Analytical Supply Current with SPICE
for Short-Channel MOSFETsSs

Our short channel model has been tested on a variety of circuits using a 0.8 micron

technology to prove its validity.

6.1- A 5-Input Nand Gate

A first set of test on a 5-input nand gate (Fig. 6.1) is presented in this section. Short-circuit
and capacitive currents are estimated and compared to SPICE results.
Effects of the load capacitance on the current

The load capacitance is varied and compared with SPICE

Y lshont

Inpm_l_d[: Inpugdlll Inputgy Inpuﬁdq lnpql_.a?

‘ Output
i ¢

Input1 4

Input2 _i C,
Input3 4 C;
Inpuid 4 C,
Inputs C

s
In ="Ishon + Icap

Fig. 6.1 A 5-input nand gate using 0.8 micron technology
Fig 6.2 shows a comparison bztween SPICE and model results for different loads, this

Figure shows a good agreement between SPICE and our model.
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Capacitive current
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Fig. 6.2 Capacitive current for different loads

85



A more detailed comparison is shown in Fig. 6.3 and the difference between our model

and SPICE is shown in Fig. 6.4. The difference is less than 1%.
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Fig. 6.3 Average capacitive current for different loads
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Fig. 6.4 Percentage difference for different loads
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The effect of the lead on the peak current

The effect of the load on the peak capacitive current is shown in Fig. 6.5 and the difference

with SPICE is shown in Fig. 6.6. The model shows a difference less than 10% with SPICE

results.
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Fig. 6.5 Peak capacitive current for different loads
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Fig. 6.6 Difference between model and SPICE for different loads
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Effects of the internal node capacitances

The effect of the internal node capacitance C3 (Fig. 6.1) on the average capacitive current

is shown in Fig. 6.7 and 6.8. The difference on the average current is less than 1%.
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Fig. 6.7 Average capacitive current for different C3 values
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Fig. 6.8 Difference between model and SPICE for different C3 values
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Effect of the trigger transistor on the capacitive current

The effect of the trigger on the capacitive current is shown in Fig. 6.9 and 6.10. One
transistor is switched at a time and all the other inputs are kept high. The average current
increases if the transistor closer to the ground is switched, since more node capacitances
will be charged. The peak current increases as the transistor switched is closer to the

ground. The maximum difference is less than 10%.
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Fig. 6.9 Average capacitive current for different transistor switched

Yx10-6
750.00 I I » model

700.00 L. Transistor -| « SPICE
650,00 closer to —

00 the ground -
600.00 | -

550.00 |- -
500.00 L. -
450.00 | -
40000 | * -
350.00 |- -
300 00 | -
25000 | -

Peak Current

20000 |_* T | -
T T2 b¥ T4 TS X
Trigger
Fig. 6.10 Peak capacitive current for different transistor switched
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Effect of the input rise time
The effect of the input rise time on the capacitive current is shown in Fig. 6.11-a and b.
Transistor T5 (Fig. 6.1) is switched with different input rise times. The model re sults show

good agreement with SPICE.

Yx10 60 : — ]
350.00 | Aﬂ)ul rise im¢ = Ins |
300.00 L SPICE results

250.00 |- o —]
- Input ris¢ ime = 5ns
£200.00 L - _
a
V15000 |

100.00 |-

50.00 |—
000 |- l
0.00 5.00 10 00
Tiune
a- SPICE

Fig. 6.11.a Pull-down current for different input rise time

|
Input rise time = 1ns

model results

—

Input risc time =3 s

| X x 10,

0.00 5.00 10.00
Time

b- SPICE

Fig. 6.11.b Pull-down current for different input rise time
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The effect of the input rise time on the peak capacitive current is shown in Fig. 6.12. The

mode! shows a good agreement with SPICE for practical rise and fall times.
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| ] |

2.00 4.00 6.00 X x10-9
input rise time

Fig. 6.12 Peak pull-down current for different input rise times

The short-circuit current for different input rise time is shown in Fig. 6.13 and Fig. 6.14.
The model results are independent of the transistor triggered. The model uses an
equivalent inverter for the calculation of short-circuit current, and the effect of the trigger
is not included. The results of Fig. 6.13 and Fig. 6.14 show acceptable estimaies of the

short-circuit current.
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Supply Current

6.2- Carry Look-Ahead Adder Circuit

The model is used for a carry look-ahead circuit. A timing analysis using delay model was
presented in section 5.5. The timing analysis results is combined with the model
estimation of the current developed for short channel devices to obtain the supply current.
Fig. 6.15-.a, b, ¢ show a comparison between our model and SPICE for different input

conditions. The model shows a good agreement with SPICE results.
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Fig. 6.15.a Supply current for different input vectors
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Fig. 6.15.b Supply current for different input vectors

Yx10-6

60000 | | ] SPICE

550.00 - _ﬂ
500.00 |- o e
}__

450.00
400.00 |-
350.00 |-
300.00
250.00
200.00
150.00
100.00
50.00
0.00

|

I

Supply Current

IR

-1 |
000 200 4.0
Time X x 109

Fig. 6.15.c Supply current for different input vectors
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6.3- A 4-mA I/0 Pad Driver

In integrated circuits an impertant fraction of the supply current is due to the
charging and discharging of I/O pads. We tested our model on a 4-ma 1/O pad shown in
Fig. 5.21 for different loads and the results of the comparison is shown in Fig. 5.22. Our

model shows a good agreement with SPICE on a wide range of output loads.
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$ LOAD

38.24u/0 8u 10 72u/0.8u
19.20/0 8u J 5.36u/0.8u ).._l

Fig. 6.16 A 4-mA I/O pad driver
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6.4- A 4-bit Carry Look-Ahead Adder with Output Pad

Drivers

In order to increase the complexity of the circuits we have tested our model on a 4-
bit carry look-ahead acder witls pad drivers as shown in Fig. 6.18. The results of the
current estimation as compared to SPICE is given in Fig. 6.19. The results once more

confirm the validity of our model.
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Fig. 6.18 A 4-bit carry look-ahead adder with I/O pad drivers
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Fig. 6.19 Supply current for a 4-bit carry look-ahead circuit with pad drivers
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6.5- Run Time Comparison between SPICE and Model

Table 1 shows a speedup of 3 orders of magnitude and the speed-up is expected to
increase with the number of gates in the CMOS circuit. Table 1 is obtained by running the
model and SPICE on different circuits. The execution time is obtained with the UNIX

command time.

Table 1: Run time comparison between SPICE & model

e | nbrofgues | SPICE(9) | models) | Speedup
24 3 170 0.1 1700
78 9 480 03 1860
800 132 3780 14 2700

6.6- Model Fitting for a New CMOS Technology

Given a transistor technology file, we propose a methods to extract the different
model parameters. First the transistor model DC parameters are fitted to the new
technology as shown in Fig. 6.20. The parameters used for the fitting are vey,, Leff and A
defined in Section 5.1. The DC parameters are fitted with SPICE results for a minimum
size transistor, then for a transistor with a width 10 times larger. The values of ve,,, Leff

and A are then determined in the intervals between the two fittings.

The next step is to fit the current model parameters. Fig. 6.21 reproduce the current model
of case A-1 to facilitate the reading. Three values are fitted in the current model, Z;,;1, I g5
and the charge. 1;,;, depends on the node capacitances, input rise time and trigger position.
Iiny 1s fitted using a network of 5 series connected transistors. By triggering the transistors
from T1 to TS with different rise times we estimate a correcting factor for /;,;,. The next

value to be fitted is /4, which is independent of the capacitances and trigger position, it
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Fig. 6.20 Transistor DC model fitting

depends only on the transistor sizes. Therefore in order to fit /4, we take different series
connected MOS transistors including 2, 3, 4 and 5 transistors. Then we obtain a correcting
factor to fit our model with SPICE estimates The last value to be fitted is the charge, which
is equal to ZC,.V?. In order to model the charge we have to estimate the capacitances
correctly. The different node capacitances are estimated as linearized gate, drain and
source capacitances. But these capacitances are highly voltage dependent, therefor they
are multiplied by a correcting factor. A network of 5 series-connected transistors with
different sizes is used, a fast input is applied to minimize the short-circuit current. The
dynamic power dissipation of the circuit, which is proportional to the charge (EQ. 2.5), is
estimated and compared to SPICE. The model capacitance estimates are corrected by a

factor between 0.5 and 1.
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CHAPTER 7

Conclusion

Supply current time domain waveforms are used by the designer to size the ground
and power busses. Standard simulators are time consuming, and not practical for large
VLSI circuits. Event driven simulators reduce the simulation time substantially. But
reported current models have limitations and they may lead to inaccurate current
estimation. In this thesis we presented a novel approach to estimate the supply current
time-domain waveforms in CMOS VLSI circuits. Our approach is based on event driven
simulation and a piece-wise linear analytical current model. An event driven timing
simulation of the circuit is carried out. The results of the timing simulation are combined
with the current estimation at the stage level to obtain the total supply current.

a- Piece-Wise Linear Current Model

We performed a detailed analysis of the supply current waveforms in CMOS gates.
Based on this analysis we modeled the capacitive current with 4 waveforms and the short-
circuit current with one waveform. These waveforms cover all the possibilities of the
current waveforms depending on the stage characteristics. Different factors that affect the
current waveforms are taken into account. The effects of the circuit topology, node
capacitances and trigger position are considered. Input ramp and short-channel effects are
modeled. Both short-circuit and dynamic current are included. The current model derived
can be appended to any switch-level simulator to obtain accurate supply current
waveforms.

b- Collapsing Technique

A new collapsing strategy is presented to model the supply current more
accurately. Our mode! uses a pull-down (pull-up) equivalent circuit with two transistors as
compared to the equivalent inverter method. The circuit is collapsed in different

equivalent circuits in order to make an accurate estimation of the supply current
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waveforms. When collapsing a gate to an equivalent circuit we pass maximum
information to the collapsed gate. Therefore the equivalent circuit will have the
same charge and delay as the original circuit. The collapsing method is sensitive to
multiple input transitions. Especially in the case of a delayed trigger input
occurring when the gate is still switching, the gate is collapsed again to include the
new path(s) set by the input (section 2.6.4). The proposed collapsing technique is
appropriate for complementary CMOS logic, but still gives good estimates for a
general CMOS structure such as the parity generator circuit shown in Section 4.4 .
The stage collapsing is dynamic (depends on the inputs to the stage) to include
pass gates. Two kinds of stages are considered. Stages that correspond to logic
gates, and stages made of a logic gate driving a pass gate (or a network of pass
gates). These kinds of stages cover most of the standard CMOS circuits. The
limitations of this method is the modelling of circuits with feedback and circuits
that cannot be reduced with parallel/series transformations.
c- Results

Our approach compares favourably with SPICE (level 3) on the peak and
average current and delay. A detailed comparison between our model and SPICE is
performed on different circuits. Our model showed a maximum 5% deviation from
SPICE on the average current, and a maximum 10% deviation on the instantaneous
current. The event driven simulation has achieved a speed-up of 3 to 4 orders of
magnitude compared to SPICE.
d- Implications and Future Work

Our current models can be added to standard switch level simulators to
obtain the supply current waveforms. The proposed collapsing technique brings
enhancements to event driven simulation. By combining our model and collapsing
technique we achieve closer estimates of the supply current compared to previous

approach. The implication of our approach is to develop fast and accurate current
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estimation tool. This tool can be used to size the ground and power lines in VLSI chips.
This work can be extended to determining the input vector (or input sequence) that causes
the maximum current. The results may then be used to redesign the circuit to avoid these

sequences and re. luce the power consumptien of the circuit.
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Appendix A-1
In this appendix we determine an expression for v;(t) during segment 1. In segment 1 T1

is in saturation and Tequ is in linear mode. The node equations of the equivalent circuit

(Fig. 3.5) can be written as follows:

B
Cl;,‘%vl (1) = 7‘ [V,-v,(1)]* (EQ. A-1.1)

B -
5 Ve=v 017 = Coody, (0 +Bl[(v2(t))Vc—%v2(t)2J (EQ A-1.2)

EQ. A-1.1 can be rewritten as:

node 1 dv, = A(v,—a,) (v,—a,)dr (EQ. A-1.3)

node 2 dv] -

1 2
= 55 (vy-ap)’d (EQ. A-1.4)

172

nVe+VC+l: v, +v, 2 nvf]

where ay, a, = n+l =+ 1) "RE

Combining the EQ. A-1.3 and A-1.4 will lead to the following equation:

dv, 2C1A (vy—ay) (vy—ay)

(EQ. A-1.5)

The closed-form solution for v (t) is given by:
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vi () = C v+ K In(v2 (1) —ay) +K,In(v2 (1) - a,) ] (EQ. A-1.6)

where v,(t) is given by EQ. 3.8 and 3.9

AC,B,
C = —2——
_ (a5~ a3) (22, —ay—a,)
1= a,—-a,
(al —a2) (2a,-ay-a,)
kz =
- a,
Appendix A-2

In this appendix an expression of v,(t) during segment 1 is derived. The node 2

(Fig. 5.3) equation during segment 1 is given by:

k v, (1)
c =k (V,—v, (1)) ——ﬁ-(vc——%)vz(t) (EQ. A-2.1)
1+

ks

equ%% (1)

The solution of the above equation is given by:

2 Vo) k
t_fo2) _28( 2?8 (I8 (2K, V ky+ 2k, V vy = 2k;Voky — 2k V5
Cequ Cequ a
=2kykyvy Vo +kokavy ) )/ (<2k; +k k) (EQ. A-2.2)
(v
-2 e (=k\V,+ kiky+kak3V,) + b
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where

a = KV 120V _ky =2V koksV, + KK + 2k, 12,V + KaKEVE = 2k, V ik,

b is determined from the initial condition at t=0 and v, (0)

Appendix A-3

An expression of v] as a function of v, is determined. This expression is used to
determine the voltage drop of node 1 (Fig. 5.3) During segment 1. This is possible
since v is known at the beginning of segment 1 and at the end. The node equations

of the equivalent circuit Fig. 5.3 are given by:

k v, (1)
node2  Copvy (1) = ky (Ve=v, () = i(f) (v, 2 2y, (1)
- (EQ. A-2.3)
3
node 1 Clad;v1 (1) = =k, (V,= v, (1)) (EQ. A-2.4)

rewriting the above equations:

c. dy () = ki kz [va (1) =vas1] [v2 () -Vy50]  (EQ. A-25)
equgy 2 k3 2 Vo (1)
ks

q (EQ. A-2.6)
Crév, (1) = =k (V,— v, (1)

Vot Vanz = 5 (<2 k Ve + 2kiky+ 2kpks V) +2(k2V2+2k2V k= 2k, V ok V,

+ Tk + 2k ko V, + KKV = 26V k3ky ) 2/ (= 2k + koks) )

109



Combining the two equation we get:

ALV, =v, ()] 1+v2m
. e~ V2 & (EQ. A-2.7)
L vl =
av2 (va (1) =Vo501) (Vo (1) =vy500)
C k
Where A = -——2__1
¢ TR
62

The solution for equation A-2.7 is given by:

2
vl A (v2) Vo (Ve ky=VVosq +havye + Vo) In (= vy +vy)

A A ks k3 (= Voss0t Voss1)

2
(Vi =V v, otkaVoy o+ V5 )In(—=v,+v,. )
+ c™3 c 2552 372552 2552 2 2552 +Cte

(EQ. A-2.8)

k3 (- Vassat v2ss1)

Cte isdetermined from the initial condition h(v2(0)) = Vpp

Appendix A-4

Given the equivalent circuit of Fig. 5.5. we neglect the affect of the pull-up current
when determining the output voltage wave €orm as discussed in Section 3.4 this is a
valid approximation for practical input rise times.The pull-down will start in tie
saturation region. In the case of a fast input, v;, will reach Vpp and stay constant at
Vpp while the pull-down is still in the saturation. In the case of a slow input the
pull-down will change to the linear mode while the input is still a ramp.

a- fast inputs

i- saturation region

When the input is still a ramp the output node equation is given by:
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= —ve,,,C, WK (s1=Vp)

sat

where K = ————EE:—
1+

The solutiun of this equation is given by:

ve ,,C, W k2
Vour = 7 —s—a—'c—l—m—(%Stz—VTt—-tk3+ —Sln(st—VT+k3))+Cte

Where k3 = EL,

Cte is determined from the initial condition vou,(O) = VDD

ve. C W k
Cre = Vpp+ —22 (2in(= Vp+ky))

Defining Vsiep  as the output voltags when the input becomes V),

_ VDD
vslep - voul( < )

When the input reaches Vpp the node equation becomes:

dv

Cout'a;

M = _vesalcoxWK (VDD - VT)

_
1+ Bl
Vop—Vr

where K=

The solution for that equation is given by:

= C WK (Vpp—V Voo
Vour = Vstep = Vsart“ ox (Vpp—Vr) (t—_"s—-)
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(EQ. A-4.2)

(EQ. A-4.3)

(EQ. A-4.4)



depending on the case it can move to the linear region while the input is still rising
or when the input is equal to Vpp.

ii- linear region

When the output voltage drops to V,, the pull down will be in the linear region

and the node equation becomes:

c Bou _ ko Vour, (EQ. A-45)

The above equation cannot lead to a close-form solution and is rewritten as

follows:
@V ous ky st (EQ. A-4.6
_ou < R VA4 . A-4.6)
Cautdt kshort (VDD VT 2 ) st
where &, s a factor that models the velocity saturation effect.
ky

we define K, = ——

kshorl

The EQ. A-4.6 solution is given by:

1 2’21003(“'")2 1 nkVpp mky z" kst - n*
L. Fe o+ o2 (e [ttt ) [ )) (BQ. A4
out bo equ’ equ’ equ’
2C. s
v, e

b- slow inputs
In the case of a slow input, the pull-down will get out from the saturation region

before the input reach Vpp.
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i- saturation region

In the saturation region the output voltage is given by:

Ve CoxW k
Vour = = 20E (%stz—v7.t2—tk4+ 2in(st=Vp+ky)) +Cre
Where &, = EL,
v, C, . W k

Cte = Vpp+ -2 (Zn(=Vy+ky))
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