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ABSTRACT

A Highly Efficient Low Output Voltage DC to DC Converter

Edoardo O. L. Gotti

The purpose of this work is to develop a 100 V to 3.3 V, 50 W DC to DC converter
which achieves the best compromise between low mass and high efficiency. A particular
emphasis is put on using components qualified for the aerospace environment. The work

was carried out through the following steps:

1. Explore all possible topologies which lend themselves to efficiently convert a raw
100 V input bus to a tightly regulated 3.3 V output, galvanically isolated from the

input.

2. Among all these topologies, select the one which leads to the highest efficiency

and the lowest mass.
3. Optimize the chosen topology.
4. Develop a small signal moded of the selected topology.

In order to validate the calculations and the mathematical models developed, a
prototype of a 100 V to 3.3 V, 50 W converter was built with Space qualified components
and tested. With this prototype, conversion efficiencies in excess of 87 % (including control

circuit consumption) were measured.
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Chapter 1
Introduction

1.1 General Introduction

The last decade has seen significant advances in the area of digital microcircuits; our
quest for more speed, more performance with even less electrical power consumption has
prompted the development of digital microcircuits working off supply voltages as low as
1.5 V. This downwards trend of supply voltages has posed numerous interesting challenges
to the power supply designers as they must now cope with new difficulties which are

described below.

1. At a given output power, the output current is inversely proportional to the output
voltage; this means that currents delivered by low voltage converters are high; as an
example, the nominal output current of a 3.3 V, 50 W converter is equal to 15 A. These
high output currents, in turn, create substantial voltage drops in their output rectifier
and filter stage which are a significant fraction of the (low) output voltage and therefore

cause a significant efficiency degradation.

2. The high output currents combined with the low output voltages have a negative impact
on the size of the output filters: assuming that the maximum allowed output voltage
ripple is a fixed percentage of the output voltage, the allowed output voltage ripple is

much lower in a low voltage converter than in a voltage converter of same output



power supplying a higher output voltage. This means that the filter corner frequency
must decrease, and therefore the capacitance and/or inductance values of the filter must
increase. If we choose not to increase the filter inductance, we must increase the filter
capacitance (and therefore its size) in order to comply with the lower output voltage
ripple. However, the size of the inductor will increase too, even though its inductance

value remained unchanged, because it must now handle a higher DC current.

One of the most important advances achieved in the area of digital microcircuits is
certainly the high degree of miniaturization; as a result, complex digital functions can
now be implemented on a single printed circuit board, which can now operate
independently from the neighbouring printed circuit boards. This has created the
possibility of building modular digital systems where each module corresponds to a
printed circuit board. For high reliability systems such as those found in Aerospace
applications, a certain degree of redundancy can be implemented in the system by simply
adding more modules to those strictly required by the application; those additional
modules remain in a standby mode until failure of one of the working modules forces
one of the spare modules to take over operation from the failed module. Such a system
can be quite large (30 modules) and its consumption can easily exceed 1.5 kW (50W per
module x 30 modules = 1.5kW). For a 3.3V power converter, an output power of
1.5 kW would correspond to an output current of 450 A. Not only is it quite difficult to
design a converter having such a high output current, but also this high current level will
create significant distribution losses as the 3.3 V power is conveyed from the converter
output to the many modules which compose the whole system. A viable alternative to
this situation is to design several lower power converters, each of which would be
providing power to a subset of the system modules, in a decentralized manner; the
question is to define how many modules each converter should be providing power to.
It was pointed out above that in order for the whole system to have a certain degree of

redundancy, each module should operate in an independent fashion; therefore a logical



choice is to provide each module with its own dedicated power supply; since a module
corresponds to a printed circuit board, the power converter must be located on the
board itself or in its immediate neighbourhood. An additional advantage of having the
converter residing on the functional board and therefore co-located with its load is that

the dynamic voltage drops due to the load current variations are minimized.

1.2 Problem Statement

The requirement of making the converter on-board resident raises the need to miniaturize
the converter since only a given percentage (usually small) of the board area is allocated to
it. Unfortunately, as is widely known in the power engineering community, the
miniaturization requirement is in conflict both with the high efficiency requirement and also

with the low output ripple requirement as explained the previous paragraph.

In many cases, the response of the power supply designers to this need of having a on-board
resident converter has been to design a simple non isolated buck converter which steps
down the +5 V rail to the required lower voltage rail. This approach is justified by the
coexistence, on the same PC board, of circuits requiring +5 V and circuits requiring +3.3 V
or lower supply voltages. Although simple, this approach is ineffective for the following

reasons:

1. If the +5 V rail is supplied by a centralized converter, then the failure of this converter
causes the loss of the whole system, which defeats the redundancy requirement.
Moreover, a centralized converter supplying the +5 V rail to the whole system leaves
the systems engineer faced with the high distribution losses as explained in (3) above. If
the +5 V rail is supplied by a localized converter, then the overall size of this converter
and the low voltage converter will be significantly higher than the size of a single low

voltage converter operating from the input line.



2. Although a non isolated buck converter which takes its input from the +5V can be
designed with efficiencies in the order of 95 %, the overall efficiency of providing the
low voltage rail (+3.3 V or lower) is equal to the product of the +5V converter
efficiency and the buck converter efficiency, which makes the double stage conversion

inefficient.

From the above discussion, the only viable alternative lies in a single stage converter which
turns the input voltage directly into +3.3 V and provides galvanic insulation between input

and output.

1.3 Literature Review

Several topologies have been proposed to convert a medium to high input voltage
source into a low output voltage ; a common viewpoint expressed in most of the literature
reviewed is the need for secondary synchronous rectifiers, as opposed to Schottky diodes ;
in addition, these synchronous rectifiers should be self driven, ie. their driving signals
should be derived from the waveforms appearing on the power transformer secondary
winding in order to avoid the added complexity of dedicated gate drive circuitry. Therefore,
the problem is to apply a suitable waveform to the gates of the synchronous rectifiers, such
that those will remain in full conduction during their conduction interval ; this waveform is
shown to be very much dependent on the topology. Comparative studies carried out in [7],
[8] and [9] conclude that high frequency resonant topologies are inadequate because the
waveforms applied to the gates of the synchronous rectifiers are sinusoidal and hence, they
fail to maintain the MOSFETs in full conduction throughout the conduction period. For the
same reason, classical Pulse Width Modulation symmetrical topologies are unanimously
rejected because inherent to their operation is a dead time during which zero volt is applied
to the gates of the secondary synchronous rectifiers; this results in the conduction of the

associated antiparallel diode of the MOSFET rather than of the MOSFET itself ; as these



diodes typically have a forward voltage drop much higher than that of the MOSFET, this

has a negative impact on efficiency.

As a result, most of the recent research on low output voltage converters focuses on
asymmetrical topologies where typically two switching MOSFETs operate in a
complementary fashion [1 — 9], [13 — 16] ; this results in no dead time and consequently no
zero voltage gap on the gates of the synchronous rectifiers ; in turn, this maximizes their
utilization and hence, improves overall efficiency. Furthermore, the complementary
operation is taken one step further by introducing a small delay between the turn-off of one
of the complementary MOSFETSs and the turn-on of the other. It is shown that if sufficient
magnetizing energy is stored in the power transformer at the moment the first MOSFETSs is
turned off, then a natural or “soft” commutation takes places which eventually results in the
second MOSFET being turned on under zero voltage. This has the effect of dramatically
reducing the switching losses and therefore, paves the way for higher switching frequencies

at little penalty in terms of efficiency.

The proposed topologies which take advantage of the complementary operation as
well as the Zero Voltage Transition (ZVT) phenomenon are basically derived from classical
topologies. The ZVT Forward Converter is described in [1 —3], [7] and [8]. The ZVT
Complementary Half Bridge Converter is described in [4—-6] and [9]. In [13-16], a
variant of the above topologies is proposed which utilizes the concept of output current
doubling, based on earlier work described in [11] and [12]. In [17] and [19], a modification
of conventional Forward and Flyback topologies is described whereby an auxiliary circuit is
employed to achieve the desired Zero Voltage Switching. Finally, the phase shift modulated
Dual Active Bridge is described in [10].

The choice of one topology versus another is complex and depends on parameters
such as input voltage, output power, variations of input voltage and output current, total

number of semiconductors and hence cost. One contribution of this thesis is an attempt to



develop objective criteria which lead to the choice of one topology given a set of operating

conditions.

1.4 Scope and Contributions of this Thesis

1.

The purpose of this thesis is two-fold:

Explore different topologies which make use of the soft commutation phenomenon and
determine which topology will lead to the highest conversion efficiency under a given
set of operating conditions. In order for this comparative study to be successful, it is
necessary to analyze in detail the mechanisms which govern the phenomenon of Zero

Voltage Transition (ZVT).

Build a prototype based on the selected topology. The small size requirement for this
type of on-board resident converter can only be satisfied if the converter is miniaturized
by such techniques as “Chip on Board”; this miniaturization effort is beyond the scope
of this work; therefore, only a prototype with conventional, packaged components will
be developed; however, as a step towards miniaturization, low profile transformers

where the windings lie on a printed circuit board will be experimented.
The main contributions of this thesis are the following:

The development of a mathematical model which, for a given topology precisely
calculates the amount of reactive energy which must be stored in the transformer
magnetizing inductance in order to achieve a full ZVT. This mathematical model takes
into account the non-linear nature of the switching MOSFET parasitic capacitances.
Once the magnetizing current required for a full ZVT has been determined, the RMS
values of the currents through the transformer windings and through the primary and
secondary MOSFETS can be calculated which in turn enables a precise calculation of the

conduction losses. These conduction losses are then compared to those incurred in



other topologies ; the topology retained is the one which exhibits the lowest conduction

losses.

2. Based on the results of the above model, a more general mathematical model is
developed which, for a given topology and a given switching frequency precisely
calculates the size of the converter power stage and the converter overall efficiency. The
results obtained from this model allow a quick determination of the optimum switching

frequency.

3. The development of dynamic large signal and small signal models for the selected

topology in an output current doubler configuration.

1.5 Thesis Outline
The contents of this thesis are organized as follows:

In Chapter 2, a comparative study is carried out between three topologies using the
concept of ZVT, in terms of their conduction losses. This comparative study is based on a
mathematical model which, for a given topology, precisely calculates the amount of primary
magnetizing inductance required for ZVT to occur. For each topology, a PSPICE model of
the converter which includes the MOSFET non-linear capacitances is developed in order to
validate the results obtained from the mathematical model. The topology selected is the one

exhibiting the lowest conduction losses.

Chapter 3 is devoted to the design and construction of a prototype based on the
selected topology. The waveforms measured on the prototype are compared to those
predicted by the PSPICE model corresponding to the selected topology. A more general
mathematical model is developed which, for any switching frequency precisely calculates
the overall efficiency. The efficiencies obtained from this mathematical model are then
compared to those measured on the prototype operating under the same conditions. The

same mathematical model also calculates the size of the converter power stage for a given



set of constraints and operating conditions, and for different switching frequencies. This in
turn allows a quick determination of the optimum switching frequency, i.e. the frequency

corresponding to the minimum size.

Chapter 4 is devoted to the large signal and small signal modelling of the converter.
Analytical expressions and PSPICE models are developed to predict the main transfer
functions as well as the transient responses of the converter. The predicted frequency and
transient responses obtained from the models are then compared to those measured on the

real prototype.

Chapter 5 summarizes the work carried out in this project, the results obtained, the

conclusions and the areas requiring future research and development.



Chapter 2
A Comparative Study of Several Topologies
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2.1 Introduction

The purpose of the low voltage DC to DC converter we are to develop is to provide
power to many identical digital boards located side by side. In such configurations, system
redundancy requirements dictate that each individual board be powered by its own
dedicated converter. This results in a large number of identical converters each of which
typically resides on the functional board it is providing power to or in the immediate

neighborhood of it (for example on a backplane to which the functional board is connected).

This situation results on one hand in a tight volume constraint because each local
converter occupies a portion of the functional board where it resides and on the other hand,
it imposes a severe efficiency requirement; the high efficiency demand which is put on the
converter is the direct result of the high power typically consumed by modern digital On

Board processing systems.

It will be shown in this chapter that the two conflicting requirements of low volume
and high efficiency can only be met with a class of topologies which allow a high frequency
of operation while avoiding the high switching losses normally associated with a high
switching frequency. These topologies make use of soft commutations and complementary

operation between the different power switches.



2.2 Choice of a Topology

The choice of a topology is dictated by several factors which are:

= Input voltage and its variations

= Input to output isolation requirement

= Total output power

= Voltage and current ratings of the power semiconductors

»  Number of output rails

= Input current ripple requirement

= Output voltage ripple requirement

= Volume constraints

= Efficiency requirement

The requirements of the converter we are to develop are summarized in Table 2.1 below.

Table 2.1

Low Output Voltage Converter Specifications

Input voltage

90 VDCto 110 VDC

Output voltage

3.3 V, electrically isolated from the input

Output voltage ripple 10 mV peak to peak

Load and Line regulation +1%

Output power 30 Wto 60 W

Efficiency 87 % at an output power of S0 W
Size 2.5"x 4" x0.75"

Frequency of operation

350 kHz to 500 kHz

The output power of 50 W corresponds to the maximum predicted consumption of a digital

printed circuit board.

The input voltage of 100 V corresponds to one of the three bus voltages which are

becoming standard in the Aerospace world, the other two being the 70 V bus and the 50V

bus. The 100 V bus was deliberately chosen for this work since it corresponds to the worst

case in terms of efficiency.
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The small envelope specified in Table 2.1 imposes a high switching frequency in
order to reduce the size of the switching transformer and filtering magnetics. Early
estimates suggest that the optimum frequency of operation may lie between 200 kHz and

500 kHz.

It should be noted that the frequency of operation is determined by the minimum

efficiency and maximum volume goals.

The low output voltage, in conjunction with the high efficiency goal dictates the use
of synchronous rectifiers at the output in order to reduce the coanduction losses.
Unfortunately, synchronous rectifiers may increase the switching losses if proper caution is

not exercised in the timing of their gate drive signals.

The conflicting requirements of high switching frequency and high efficiency (which
means low conduction and switching losses) can only be met with a topology which meets

the following conditions:
1. Complementary operation among the following pairs of switches:
a) Primary switch No. 1 vs. Primary switch No. 2
b) Sync. Rectifier No. 1 vs. Sync. Rectifier No. 2

2. Primary Switch vs. Sync. Rectifier for topologies like the Flyback which only have

one switch on the primary and one switch on the secondary.

3. Zero voltage turn-on (ZVT) for all the semiconductor switches, be they located

on the primary or on the secondary side.

Complementary operation between two transistors Q1 and Q2 means that Ql
conducts during one portion of the switching period, and that Q2 conducts during the
remainder of the period. Q1’s conduction time is usually called D x Ts, where D designates

the duty cycle and T’s the switching period. Then, Q2’s conduction time equals (1-D) x Ts.

11



Ideally, the complementary operation should be a true one, ie. there should be no

conduction overlap and no dead time.
This complementary operation is desirable for the following reasons:

1. Any conduction overlap means that Q1 and Q2 are simultaneously conducting;
this situation, if not well controlled, leads to momentary current spikes which in

turn cause an increase of conduction and switching losses.

2. Any significant dead time between the conduction of Q1 and Q2 always results in
no synchronous rectifier being ON, whether Q1 and Q2 represent the sync.
rectifiers themselves or the primary transistors. This means that during this dead
time, the output current is being carried by the internal antiparallel diodes inherent
to the sync. rectifiers MOSFETSs; since these diodes have a forward drop
significantly higher than the MOSFET, conduction of these diodes causes a

significant increase of conduction losses.

3. Complementary conduction is the only mode of operation which allows zero

voltage turn-on of the transistors.

Zero voltage turn-on for a MOSFET (also called “soft” transition) means that when a
voltage is applied between its Gate and Source terminals to turn it ON, the voltage between
its Drain and Source terminals must already be zero. In practice, this means that the internal
Body-Drain diode is already conducting reverse current when the ON command is applied
to the gate of the MOSFET. This mode of operation is desirable because it avoids the
dissipation in the MOSFET of the energy stored in its parasitic capacitance, which normally
occurs during a “hard” turn-on. At high switching frequencies, this dissipated energy

represents a significant amount of power, which is calculated as follows:

It is shown in Appendix B that the output capacitance of a MOSFET can be
expressed as

12



(2.2.1)

The first term of (2.2.1) represents the drain to source capacitance, whereas the
second term represents the drain to gate capacitance. The coefficients of (2.2.1) have been
calculated in Appendix B for several MOSFETS. In order to calculate the energy wasted
during a hard turn-on, we must consider that the MOSFET which is being turned on must
not only discharge its own output parasitic capacitance, but it must also charge the parasitic
capacitance of the MOSFET connected in series with it (see Figure 2.10); in addition, it
must also charge the transformer parasitic capacitance. With reference to Figure 2.10,
(which represents the best case in terms of turn-on losses), we shall assume that the voltage
at the connection point of the two MOSFETs equals 0.5 X Vi, or 50 V at the moment the
lower transistor Q1 is being turned on; we also assume that the transformer parasitic
capacitance equals 250 pF (measured on a real PCB transformer); the elemental energy

being dissipated when the capacitances are being discharged from V'to V - dV'is equal to
dE=V-dQ=V-C ,o(V)-dV=(Coss(V) + Coss(V iy~ V) + C yp, ) V-dV (2.2.2)

In the above expression, Coss(V) represents the output capacitance of MOSFET Q1
which is being turned on and whose drain to source voltage equals V. On the other hand,
Coss(Vin— V) represents the output capacitance of the upper transistor Q2 whose drain to
source voltage equals Vi, — V. The equivalent capacitance C., must be discharged from
50 V to zero; we choose the MOSFETs as IRFM250 (whose capacitance coefficients are
calculated in Appendix B) and we take a switching frequency of 300 kHz. Therefore, the

turn-on losses are equal to
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P oni= (Coss(V) + Coss(V iy~ V) + C i) )-V dV |-2-Fs (2.2.3)

PoNy=1105 W

In the above equation, the coefficient 2 accounts for two hard turn-ons per period. As
can be seen, the power dissipated due to hard turn-on equals 1.1 W at 300 kHz and will
increase proportionally to the switching frequency. This dissipation of 1.1 W represents an
efficiency loss of 2 % at an output power of 50 W and is considered unacceptably high.
Again, it must be stressed that the above calculation corresponds to the best case.
Therefore, if we are to operate at frequencies equal to or higher than 300 kHz, the only

viable alternative is Zero Voltage turn-on.

Zero voltage turn-on is achieved in the following way. If Q1 and Q2 represent two
primary MOSFETs connected such as in Figure 2.2 below, turning off Q1 causes the
magnetic energy stored in the transformer during the conduction time of Q1 (either in the
leakage inductance or in the magnetizing inductance) to charge Q1’s parasitic capacitance

and to discharge Q2’s parasitic capacitance.

If the magnetic energy is high enough, then the two parasitic capacitances are fully

discharged and Q2 starts conducting reverse current through its antiparallel diode.

If an ON command is then applied to the gate of Q2, the latter is being turned on
under zero Drain-Source voltage. Subsequently, circuit operation causes the current

through Q2 to become positive and the same phenomenon occurs when Q2 is turned off.

It should be noted however that the soft transition just described is only possible in

topologies where Q1 and Q2 are driven in a complementary fashion.
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If a significant dead time existed between Q1 and Q2 conduction, not only would Q1
and Q2 experience a “hard” turn-on but also all the magnetic energy which could have
otherwise been utilized to turn on the complementary transistor under zero voltage is now

totally wasted, which creates additional losses.
Four topologies so far have been found to meet the above requirements:
1. The dual active bridge converter (Figure 2.1).

2. The active clamp single ended forward converter with high magnetizing primary

current (Figure 2.2).
3. The complementary half bridge converter (Figure 2.10).
4. The continuous mode flyback converter (Figure 2.18).

It should be noted that all classical Pulse Width Modulation topologies were rejected
because inherent to them is a dead time in the conduction of the primary transitors which

leads to the undesirable effects described above.

The first three topologies are derived from classical PWM topologies. The dual active
bridge is a topology where the primary and secondary switches are externally driven and
where the power throughput is a function of the phase shift between the primary and

secondary bridges.

As mentioned above, the two conditions which must be met in order to achieve ZVT

are:
1. Complementary operation.

2. Enough magnetic energy must be stored in the transformer on the primary side in

order to fully charge/discharge the MOSFET parasitic capacitances.
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The maximum output power of the +3.3 V EPC is equal to 50 W. At that power
level, it was found that insufficient energy was being stored in the leakage inductance of the
transformer in order to guarantee ZVT; therefore, these topologies were modified in order
to increase the magnetizing current of the transformer so as to increase the energy stored in

the magnetizing inductance.

Referring to the diagrams at the bottom of Figure 2.2, Figure 2.10 and Figure 2.18,
the solid line waveform represents the primary current of the modified circuit whereas the

dotted line represents the primary current of the original circuit.

As can be seen from the diagrams, the solid lines have a much steeper slope than the
corresponding dotted lines, which causes the minimum current Ini» to be negative. This
negative value of I, guarantees ZVT of Q1 because it represents the current going initially
through its antiparallel diode. It should be noted that ZVT operation of the Flyback

converter (Figure 2.18) is impossible without this modification.

The modification of the primary current cannot be implemented on the dual active
bridge (Figure 2.1) because in this topology the transformer is being actively driven from
both the primary and the secondary sides [10]. Therefore, the voltage across the
transformer does not change when Q1 is turned off since it is determined by the conduction
status of Q3 and Q4. Therefore, only the leakage inductance (or external series inductance
Ls) is available to charge and discharge the MOSFET parasitic capacitances. As a
consequence, this converter does not lend itself to handle an output power in the order of
50 W and hence will not be studied any further. The interested reader may refer to [10] for

a detailed description of this circuit.

The modification of the primary current described above carries a penalty which is an
increase of the RMS value of the primary current, which in turn causes an increase of
conduction losses. The impact of these additional conduction losses on the overall EPC

efficiency depends on the topology. In the next paragraph, we will calculate for each of the
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three topologies under consideration the amount of magnetizing current which must be

added to the primary current in order to guarantee ZVT operation.

In addition to achieving ZV'T, an important parameter to consider is the time it takes
to do so, that is the amount of time it takes the combined primary load current and
magnetizing current to completely discharge the MOSFET parasitic capacitances. This time
interval represents a dead time, i.e. a time during which insufficient or no voltage is applied
to the gate of the secondary synchronous rectifier MOSFETs. It is therefore mandatory to
minimize this transition time and this can only be done by increasing the primary
magnetizing current beyond the value strictly needed to perform ZVT. As explained further
in the next paragraph, one of the constraints we will be imposing on the three competing

topologies is to perform ZVT in less than 200 ns.
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2.3 Comparison Criteria

For the three topologies being studied, if we increase the primary magnetizing current

in order to guarantee ZVT in each of them, then the turn-on losses become negligible.

It will be shown in Chapter 3 that by properly designing the gate drive circuit, the
turn-off losses can be made negligible too. Therefore, the final choice of the topology can
only be made after a comparison of conduction losses for topologies No. 1, No.2 and

No. 3 is carried out.

This comparison of conduction losses for all three topologies will be made based on

the following operating conditions and constraints:
Input voltage : 100V
Output power : 50 W

For all three topologies, the secondary winding of the transformer is assumed to have
the same resistance per section, in order to provide a fair basis of comparison. The
resistance of the primary winding was taken as the secondary winding resistance multiplied

by the square of the turns ratio.

All three topologies use two secondary synchronous rectifiers. (In the Flyback
converter, they are connected in parallel). For the active clamp single ended forward
converter and for the complementary half bridge converter, the secondary synchronous
rectifiers are self driven, i.e. their gate to source voltage is derived from the power
transformer secondary winding voltage waveform. For the Flyback converter, the secondary
synchronous rectifiers are externally driven. For all three topologies, the synchronous
rectifiers used are Logic Level MOSFETs FSYCO053LD made by HARRIS which are
presently under development. The Logic Level MOSFET was chosen because in a self-

driven scheme, and due to the low value of the output voltage, insufficient voltage is
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developed across the transformer secondary winding to drive a conventional MOSFET. The
HARRIS MOSFET was chosen because it is radiation hardened, which is a requirement in

most aerospace applications.

The primary MOSFETs used depend on the topology. In the Complementary Half
Bridge, the maximum Drain to Source voltage of the primary switches never exceeds the
input voltage; since the input voltage does not exceed 110 V, 200 V MOSFETs are used. In
the ZVT Flyback converter, it will be shown that the Drain to Source voltage of the primary
MOSFETSs will not exceed 145 V; therefore, 200 V MOSFETs can also be used. In the
active clamp forward converter, the Drain to Source voltage of the primary MOSFETs will

be significantly higher than the input voltage; therefore, 400 V MOSFETS are used for this

topology.

Although Vi, equals 100 V, The power stages of all three topologies were designed to

handle input voltage variations ranging from 90 V to 110 V.

For all three topologies, the combined primary load current and magnetizing current

must have a value such as to guarantee a ZV'T in less than 200 ns.

Having defined all the constraints and criteria, it is now necessary that we undertake a
more detailed study of each topology in order to accurately calculate the amount of primary

current needed to perform ZVT in less than 200 ns.
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2.4 The active clamp single ended forward converter

The simplified schematic and the primary current waveform of the active clamp single
ended forward converter are shown on Figure 2.2 below. The theory of operation is
identical to that of a conventional PWM single ended forward converter with the following

modifications, which are covered in detail in [1], [2], [14], [15] and [16]:

When Q1 turns off, the energy stored in the transformer magnetizing and leakage
inductances charges the parasitic capacitances of Q1 and discharges the parasitic
capacitance of Q2 until the Drain to Source voltage of Q1 is clamped by capacitor Cl1
through Q2’s antiparallel diode. At this time, Q2 is turned ON for the remainder of the
switching period whose duration is given by (1-D) X Ts. Since the lower end of the
transformer primary is now held at a voltage higher than the input voltage, the magnetizing

current through the transformer decreases and eventually changes sign.

At the beginning of the next switching period, Q2 is turned OFF. Since the
magnetizing current of the transformer is now negative, it starts charging Q2’s parasitic
capacitance and discharging Q1I’s parasitic capacitance until QI’s antiparalle] diode
conducts. At this time, Q1 is turned ON. It should be noted that under those conditons,
both Q1 and Q2 experience a Zero Voltage turn-on; for this to occur however, the
magnetizing inductance of the transformer must be lower than the one of a conventional
forward converter in order to allow the transformer to store energy during the conduction
periods of Q1 and Q2; as explained above, this is why the solid line of the current waveform
in Figure 2.2 has a steeper slope than the dotted line which corresponds to the current

waveform of a conventional converter.

Since the voltage across the switching transformer is either positive or negative but
never zero (no dead time), both secondary synchronous rectifiers are always being driven on

their gates in a complementary fashion, with the exception of the transition periods where
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Q1 and Q2’s parasitic capacitances are charged and discharged. Moreover, since the gate to
source voltage of the synchronous rectifiers is synchronized with their drain to source
voltage (the gate to source signal is derived from the transformer secondary winding), the

synchronous rectifiers also turn on under zero voltage on their drain.

Before we attempt to calculate the minimum amount of primary current needed to
achieve ZVT, it is necessary to perform a rough design of the converter in order to extract
the important parameters such as the transformer turns ratio, nominal and worst case duty

cycle.

The detailed calculations are performed in Appendix A; the complete characterization
of the primary and secondary power MOSFETs used is performed in Appendix B;

therefore, only the important steps will be outlined in this chapter.

The voltage across the clamping capacitor C1 is easily calculated by noting that the
transformer is always being driven in one direction or the other and must therefore satisfy

the volts - microseconds balance.

DV,

Therefore, V ~;=
Cl 1-D
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The Drain to Source voltage of Q1 and Q2 is equal to

Vin
1-D 2.4.1)

Vps=Vin+tVcI=
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We pose the constraint that the maximum V)ps across the primary switches never
exceeds 300 V (consistent with the use of 400 V devices); let’s find the condition where Vp;

reaches its maximum value; from the above expression of Vps given in (2.4.1), we have

Vin N'Vout

vV = =
DS™1 "D D(-D)

where N is the power transformer turns ratio.

The above expression only depends on the duty cycle (the numerator is constant);
from the denominator expression, it can be seen that Vps reaches a minimum when D = 0.5
and increases for values of D higher than 0.5. On the other hand, it is desirable to run the
converter at duty cycles higher than 0.5 in order to reduce the output inductor ripple
current and hence the output voltage ripple; if the converter always operates above 50 %
cycle, then the above expression of Vps reaches its maximum when D is maximum; this
corresponds to Vi, being minimum; we know that Vinm, =90 V; therefore, we readily

calculate the maximum duty cycle:

D 3 I Vi)’l min
max 300 D

0.7

Let us now calculate the transformer turns ratio N.

Figure 2.3 below shows the Forward Converter secondary rectifier stage along with
the waveforms of the voltage across the transformer secondary, the voltage at point A on

the schematic and the secondary current.
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Figure 2.3 Forward Converter Secondary Rectifier Stage Showing Effect of Leakage
Inductance

As can be seen from Figure 2.3 , when the secondary voltage becomes positive, the
voltage at point A stays at zero for a period of time #,, during which the output current is
gradually transferred from Q4 to Q3; during this time, both Q3 and Q4 conduct through

their antiparallel diodes because Ve of both Q3 and Q4 are equal to zero. Neglecting the
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ripple current through the output inductor and assuming the reverse recovery current of

Q4’s body-drain diode is negligible, the overlap time is given by

Lil,
t =

ov
14 in
N

where Ljj, is the leakage inductance value as seen from the secondary.

(2.4.2)

On the other hand, the time overlap diminishes the converter effective duty cycle; if
we call V,, the voltage drop across Q3 or Q4 when they conduct, the expression of the
output voltage is given by

Vin D-Ts - tOV

V.= . -V
out~"y Ts on (2.4.3)

where T is the switching period.

It should be noted that if ¢, is made equal to zero, the above expression reduces to

the classical input to output relationship for a forward converter.
Introducing the expression of z,, given by (2.4.2) in (2.4.3) yields:

Vin

V0ut=——‘N’—'D— L lk’IO'FS - Von (2.4.4)

1
where Fis := b is the switching frequency.
s

From (2.4.4), it can be seen that the leakage inductance introduces an extra term
proportional to the switching frequency and to the output current; this effect has been

described in detail in [3].
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Based on the above considerations, we can now calculate the minimum turns ratio
needed to achieve output regulation at minimum input voltage and maximum load

(,=15 A):

Assuming that Ly is equal to 33 nH (measured on a real breadboard with a low profile

transformer), and with the value of V,, calculated in Appendix A, we obtain

N > 7 min N=17.33
= =17.331
Vourt Vont L lk'Io'Fs

We choose N =17.

With the above value of N, the maximum and nominal values of Vps on the primary
MOSFETs corresponding respectively t0 Vi = Vinmin =90V and Vi, = Vingem =100 V are

calculated in Appendix A:
VdSmax = 283.8
Vdsnom = 259.4

We must now calculate the maximum magnetizing inductance of the transformer
which will guarantee ZVT in less than 200 ns. Referring to the current waveforms shown on
Figure 2.2, it should be noted that the current value Ipk (at the end of Q1’s conduction
period) is higher than the current value Ineg_pk (at the end of Q2’s conduction period);
thus, the latter represents the worst case because less energy is stored in the transformer
magnetizing inductance to achieve ZVT. Therefore, if we can guarantee that ZVT takes
place in less than 200 ns when Q2 is being turned off, then automatically the condition will

be met when Q1 is turned off. Therefore, we shall study ZVT on the converter at the turn-

off of Q2 only.

In order to do so, it is important to recognize that the parasitic MOSFET

capacitances which play an important role in the phenomenon are not constant but rather
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are functions of the applied voltage, as explained in paragraph 2.2 above. As a result, the
energy exchange phenomena which we will be analyzing are non linear in nature. As

explained in [5], the voltage transition takes place in two phases:

Phase I: A resonant transition takes place between the equivalent primary
capacitance, the transformer leakage inductance and the equivalent secondary capacitance.
The equivalent primary capacitance is the sum of the primary MOSFETs parasitic
capacitances and the transformer capacitance; the equivalent secondary capacitance is the
sum of the secondary MOSFETs parasitic capacitances. This phase ends when the voltage
across the secondary capacitance reaches zero. At this moment, MOSFET Q3 (see Figure
2.2) starts to conduct through its anti-parallel diode and the secondary current is being
gradually transferred from Q4 to Q3. Figure 2.4 below is the equivalent schematic of the
forward converter during Phase I. Also represented on Figure 2.4 are the voltages across

the capacitances and the current through the leakage inductance at the beginning of the

phase.
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Figure 2.4 Forward Converter Equivalent Circuit During Phase |

Phase II: During this phase, the voltage across the equivalent secondary capacitance

is clamped to zero because both secondary synchronous rectifiers are ON and the output

28



current is being transferred from one synchronous rectifier to the other; this phase consists
in a resonance between the equivalent primary capacitance and the transformer leakage
inductance. This phase ends when the current through the synchronous rectifier which is
being turned off has reduced to zero; in practice however some negative current will flow
through the synchronous rectifier being turned off due to the reverse recovery of its
antiparallel diode; this means that the overall current excursion is higher than the output
current. Figure 2.5 below is the equivalent schematic of the forward converter during
Phase II, which also shows the voltages across the capacitances and the current through the

leakage inductance at the beginning of the phase.
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Figure 2.5 Forward Converter Equivalent Circuit During Phase li

Referring to Figure 2.4, voltage source V, represents the clamping capacitor C1 of
Figure 1.2. Since the transition will last less than 200 ns (this is one of the conditons we
must meet), we can safely neglect the voltage variation across this capacitor during the
transition, and therefore the clamping capacitor can be represented by voltage source V..
Current source I,.;_ represents the primary current at the end of Q2’s conduction period: it
is the sum of the load current and the magnetizing current stored in the transformer primary

magnetizing inductance. Again, we make the assumption that this current remains constant
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during the whole transition. Coss2 represents the output capacitance of primary MOSFET
Q2 and is completely discharged at the beginning of Phase I, which corresponds to the
instant Q2 is being turned off; Coss1 represents the output capacitance of Q1 and is charged
at V,, + V. at the beginning of Phase I; Cy, represents the transformer parasitic capacitance
and is charged to V.. C,,. is the overall capacitance of the secondary MOSFETs, reflected to
the primary side of the transformer; at the beginning of Phase I, it is also charged to V..
Rsec represents the gate resistance of the secondary MOSFETS, reflected to the primary

side.

Although the MOSFET parasitic capacitances are non linear and can only be
represented by an equation such as (2.2.1), the resonant transition of Phase I involves too
many elements and its description by non linear capacitances would make the calculations
too complex. Rather, a good approximation is obtained by averaging expression (2.2.1)

over the voltage range covered by each of the identified capacitances during Phase I.

Referring to Figure 2.2, when Q2 is turned off, Q3 is OFF and Q4 is ON. Therefore,
the secondary capacitance consists of Q4’s input capacitance (constant), in parallel with
Q3’s output capacitance, whose value is averaged from zero to V. / N. Referring to

Appendix A, the averaged value of Q3’s output capacitance is given by

c

N
. Coss ¢, (V) dV (A.4)

<70
N

The overall secondary capacitance as seen from the primary of the transformer is

1

Coss OFF ™

given by

c Ciss ON * Coss OFF
sec™ e (A.5)

30



where Cissoy represents Q4’s input capacitance, Cossorr represents the average value

of Q3’s output capacitance and N is the transformer turns ratio.

From Figure 2.2 again, the primary capacitance consists of the parallel combination of
Q1’s output capacitance, Q2’s output capacitance and the transformer’s capacitance; while
the latter is constant, Q1 and Q2’s output capacitances must be averaged over their

respective voltage ranges. The overall primary capacitance is given by

1

"3, s
P Vc'M

C Coss(V) dV + Coss(V) dV| + Crfo

0 Vgt Ve- VoM

J/VC‘MOV Vin+t Ve
ov c™M oy

(A.6)

where M,, is a correction factor which accounts for the fact that the primary voltage

actually extends beyond V. during Phase I.

The analytical expressions of the current through the leakage inductance, the voltage
across the secondary capacitance and the voltage across the primary capacitance (the latter
being defined as the voltage across Cy, as shown on Figure 2.4) have been calculated in

Appendix A and are given by

-C R sin{ @ -t
neg_pk - sec sec .\ ( 1 ) .
Ile(Inngk't>'———c . C l- exp(-z.le t) (m * cos((ol t)) (A.8)

neg _pk'c pri'Csec. 1 neg_pk
2 .
(Cpri + Csec) pri sec

+ exp(- K sec ) sm(wrt).i.(_’_

4 Csec(lneg_pk’ t) ==V
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Ineg_pk

VCpri(Ineg_pk't)"Vc - C °l ...

pri* Csec
2
o - R 2 R
sec sec 2-Q° -1 sec
+1 | ———| ‘R, I - exp|- -t)-cos{ @ -t) + -exp| - ot]-si .
neg_pk sec P 1 P Ly-sin{ @ -t
8P\ Csec - Cpri) ( ( 2Ly ) ( ) 402 1 ( 2Ly ) ( >)

(A.10)

where @,, @y and @ are defined in Appendix A. R... is the secondary MOSFET gate
resistance reflected to the primary side and is also calculated in Appendix A. As can be seen
from the above expressions, Iry , Ve and Ve, are functions of time and of I,z i, the
latter being the primary current at the moment Q2 is being turned off, as shown in Figure
2.4 and in Figure 2.5. As explained above, Phase I ends when the secondary capacitance is
completely discharged, and from there on, the secondary voltage is clamped to zero because

both Q3 and Q4 are conducting through their anti-parallel diodes.

Therefore, the time ¢/ which corresponds to the end of Phase I is obtained by making

Equation (A.9) above equal to zero:

4 Csec(lneg_pk ’ t) =0

Solving the above equation for ¢ yields the time z/ we are looking for. We are now in
a position to calculate the current through the leakage inductance and the voltage across the
primary capacitance at the end of Phase I by making t+ = ¢/ in (A.8) and (A.10) above, we

obtain:

Vepri atendofPhasel = V(1 p,e potl)

ILy atendofPhasel = Iy p(I,., pg.tl) (Called 11 on Figure 2.5)

The above values are the initial conditions for Phase II. To simplify the subsequent
analysis, it is convenient to define VI as the voltage variation across the primary capacitance

during Phase I. From Figure 2.4, the initial value of Vg, (across Cy,) equals -V.. From
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Figure 2.5, the final value of V¢, (at the end of Phase I) equals -V, + VI. Since the final

value of Vi, was calculated above, we have

VI-Ve=Veprillneg protl) o VIV (1 peg preotl) + Vo

As can be seen from Figure 2.5, VI also represents the voltage variation across Coss1

and Coss2 during Phase I.

Having calculated all the initial conditions, we are now ready to study Phase II.

Referring to Figure 2.5, Phase Il ends when one of the two following conditions occurs:

1. The voltage across Cossl reduces to zero in which case the Zero Voltage

Transition is over.

t9

The current through the leakage inductance Ly reaches Zne pt; in this case, the net
current flowing from the primary capacitance reduces to zero, which means that
the primary capacitance cannot be discharged any further; this occurs when the

value of .., p is insufficient to ensure a complete ZVT.

For the subsequent analysis, it is convenient to call V2 the total voltage variation
(Phase I + Phase II) across the primary capacitance. Having called VI the voltage variation
across the primary capacitance during Phase I, the voltage variation during Phase II simply

equals V2 — VI.

At the end of Phase II, the voltages across the different components of the primary

capacitance are the following:

Across Coss1 Vin+ V.-V2
Across Coss2 V2
Across Cy, V2-V.
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Since our goal is to achieve ZVT, we look for a complete discharge of Coss1, hence,
Vin+ V.-V2=0

We called ¢ the duration of Phase 1. Likewise, let’s call 2 the duration of Phase II.

One additional constraint we have imposed on the transition is that: ¢/ + t2 <200 ns.

Since we deal with the discharge of non-linear capacitors, the best way to analyze

Phase II is by writing the energy balance at the beginning and at the end of Phase II.
Let’s define the following variables:
EI = total energy stored in the reactive elements at the end of Phase I (At ¢t = t/)

E2 = total energy stored in the reactive elements at the end of Phase IT (At ¢ = 1 +

12)

I1 = current through L, at the end of Phase I.
I2 = current through L at the end of Phase II.
Ar=12-11

Itpri = Ineg pr - I1: this is the net current available at the beginning of Phase IT to

discharge the primary capacitance.

Ecoss(V) = energy stored in a MOSFET output capacitance when the voltage across

this output capacitance is equal to V.

From inspection of Figure 2.5, we have

1 2 1 2

EI=E Cogg(VD) + E Cogg(Vip * Ve - VI) + E'tho'(w “Ve) e S Lyl (2.4.5)
1 2 1 2

E2=E Cog(V2) + E Cogg(Vip * Ve - V2) + E'szo‘(V? -Ve) e Lk (2.4.6)

Subtracting (2.4.5) from (2.4.6) , we obtain
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E2 - EI=E (455(V2) - E Cos(VI) + E cogs(Vin + Ve - V2) - Ecoss(Vin + Ve - VI) -
+2C | (V2= V)P - (VI - Vo) | SL i - 1) (2.4.7)

Applying the same principle as the one which lead to equations (2.2.2) and (2.2.3), we

obtain
V2
E coss(V2) - E cpes( VI)-J Coss(V)-VdV
Vi
Therefore, (2.4.7) can be rewritten as
V2 Vin+tVe-V2
E2—E1=J Coss(V)-VdV + Coss(V)-VdV ...
Vi VintVe-VI (2.4.8)

2

+§ctfo-[(vz V)P (VI - Vc)z] . -;--le-<12~ 1%

On the other hand, this energy difference in the storage elements can only have been

supplied by the sources; the sources are: Vi,, V. and I, _p.

1. Energy supplied by Vi, Vin X | dO; from Figure 2.5, the total charge coming from
or going to V, is the result of the discharge of Cossl and is actually returned to Vis;
therefore,

Vin + VC - V2

Evin=Vin Coss (V) dV
Vi +Ve-VI

The fact that Vi, + V.— V2 < Vi, + V. — VI confirms that the energy supplied by Vi, is

negative and hence is returned to Vi,.

2. Energy supplied by V.: V. x | dQ; from Figure 2.5, the total charge coming from or

going to V. is the result of the charge of Coss1; therefore,
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V2

EVc'Vc'J Coss(V) dV
Vi

3. Energy supplied by .. p: it is the product of the current I,. p and the integral of
the voltage across the current source; this voltage is identical to the one appearing across

the leakage inductance Ly. Therefore,

12

2
d
EIneg_pk'Ineg_pk'J' Viw®) &=1,,5 pi L lk'zi—tl Lig(t) dt =
0
0

Ineg_pk'J Ligd x=1neg prl g (12 - 11)

As stated above, E2 — EIl = EV,, + EV .+ Epeg pt ; therefore,

Vipt V- V2 V2

Coss(V) dV + VC-J Coss(V) dV + Ineg_pk'L (2 - 11)

E2- El=V
VI

Vip+ V- VI
(2.4.9)

By comparing equations (2.4.8) and (2.4.9) and after introducing the variables A7 and

I, defined above, we obtain

V2
1 1 2 2
_Z_LZkAIZ - le'ILprl-AI + Ecq‘b[(vz - VC) - (VI - VC) ] + JVI COSS(V)‘VdV... =()
Vin+Vc- VZ Vin-f-VC-VZ VZ
+ Coss(V)-VdV -V, - Coss(V) dV - VC-J Coss(V) dV
Vint V- VI Vin+ V- VI \ %2

(2.4.10)
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The above equation which describes the energy exchange during Phase II contains

two unknowns: Al and V2. Equation (2.4.10) can be rewritten as

1

2
SLuwdl - Lyl pprdl + X(V2)=0 (2.4.11)

where X(V2) contains all the terms which are independent of Al but are dependent of V2.

As mentioned above, our goal is to achieve ZVT, that is: V2 =V, + V., which
corresponds to condition 1 described above. However, as explained earlier, if I,.g px iS

insufficient to completely discharge the primary capacitance, then condition 2 will occur.
Therefore, (2.4.11) can only be resolved in two steps.

Step 1: Make V2 = V;, +V.in (2.4.11) and solve for AL

X(V. +V
Al=1 1y - |(Z Lpri)z } 2"‘<—lZ‘lk—‘c_) (24.12)

X(V in

+VC>

If <I Lpn‘)z -2- Ly >0, then Al given by (2.4.12) is real and the problem is

solved (full ZVT has been achieved).

. X(V in* VC> .
If (I L ri) -2 <0, then there is no real A7 which will make :
P Ly
V2=V, + V.

Condition 2 described above occurs (incomplete ZVT) and we need to go to Step 2.

Step 2: Make Al = I, in (2.4.11) and solve for V2; this will necessarily yield a

value of V2 less than V;, + V..

The above calculations are outlined in detail in Appendix A.
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Having found A7 and V2, we can now calculate ¢2, the duration of Phase II.
The primary capacitance C,, consists of the parallel combination of Coss1, Coss2 and Cy,.

Hence: Cpri(V) = Coss(V) + Coss(Vip + Ve - V) + Cppo.
dv
On the other hand, / Cpri™ C pri( V) E therefore,

dt:M
I cpritV) (2.4.13)

From Figure 2.5, I cppi(V)=1 pog pr - 1 1.1k(V)

The only way whereby we can extract an expression for /rx(V) is to write the energy
balance between two voltages: VI and V. The energy balance has already been written

between VI and V2 in (2.4.10); all we need to do is to rewrite (2.4.10) and replace V2 by V.

To simplify the calculations, let’s introduce two working variables:

I Lpri=l neg_pk ~ 11 (already defined earlier)
A(Vy=Ip 1 (V) - I
We obtain
I 2
SLu (V) - Ll o AI(V) + X(V) =0 (2.4.14)

where X(V) represents all the terms of (2.4.10) which are independent of Al and

where V2 has been replaced by V.

Solving (2.4.14) for AI(V) yields

X
V)=, - jILpn.Z _ 2._% (2.4.15)
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Therefore, I cpri(V)=1 npp pk - 1 115 (V) and, from the definition of the working

variables:
I cpritV) =1 pri - AI(V)

And finally, from (2.4.15),

, XN

Loy (W=l 2 -
Cpri Lpri
P j P Ly

(2.4.16)

Taking the expression of the time increment dt defined in (2.4.13), replacing Icpr(V)

by its expression given in (2.4.16) above and integrating between VI and V2 yields

V2
Coss(V;, +V _-V)+ Coss(V) + C
Dm ( in c ) tfo
2 X(V) (2.4.17)
I ri7 -2 ——
j P Ly
Vi

Vi, V2, tl and 2 were calculated in Appendix A for a range of values of I,

eg_pk

starting at I,/IV: the results are shown on the two graphs below.
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As can be seen from Figure 2.7, the current [,.g_p strictly required to perform ZVT
equals 1.53 A. From the figure, this is the minimum current which will yield a value of V2
equal to Vi, + V., i.e. 259 V. However, from Figure 2.6, this value of current would lead to
a total transition time I + 2 equal to 300ns. Since we imposed the constraint:

tl + 12 <200 ns, we need a minimum . « equal to 2.1 A.
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We can easily calculate the primary inductance value needed to produce a value of

Ieg e €qual to 2.1 A:

Vin ~5
Lpn = 2—]——-——DTS Lprz =3.655-10
neg_pk

To confirm the above results, a PSPICE model of the forward converter was built,
using the parameters calculated above and using the model for the MOSFETSs developed in
Appendix B which includes all the non-linear effects highlighted above. The circuit
schematic is shown on Figure 2.8. The circuit was simulated at a switching frequency of
400 kHz, with a duty cycle of 0.618 as calculated in Appendix A and with an output current

of 15 A.

The gate drive circuit has built-in delays which allow each primary MOSFET to turn

on through its anti-parallel diode before applying voltage on its gate.

The primary inductance L,,; was set equal to 31 uH, slightly lower than the value of
36.55 uH calculated above; this reduction in inductance value was necessary because

otherwise, the transition intervals (which are a significant portion of the whole period)

would prevent the primary current to reach a value /.., ,x equal to 2.1 A.
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The results of the simulation are shown on Figure 2.9.
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Figure 2.9 Simulation Results of Forward Converter with Zero Voltage Transition

Shown on Figure 2.9 are the waveforms of the drain voltage of M2 and the current
through the transformer primary (see Figure 2.8 ).As can be seen from the simulation, the
peak drain voltage of M2 reaches 259 V, which confirms the calculations of Appendix A.
The output voltage (not shown on the graph equals 3.2 V, slightly lower than the desired
3.3 V. This is explained by the fact that the series voltage drops through the synchronous
rectifiers were higher in the simulation than in the calculations, therefore yielding a lower

output voltage for a given duty cycle.

The total transition time due to [« = 2.1 A is equal to 230 ns, slightly above the
predicted 200 ns. This difference is easily explained by noticing that at the moment M1 is
turned off, the primary current is not equal to 2.1 A but rather to 1.95 A, it increases to
2.1 A during the transition; this current increase is due to the transformer magnetizing

inductance being too low to keep the magnetizing current constant during the transition.
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This results in small differences with respect to the calculations carried out in Appendix A

where we took the assumption that the magnetizing current would remain constant.

As can be seen from Figure 2.9, the duration of the positive voltage transition is
significantly lower than for the negative transition: this is a direct consequence of the

positive peak current being significantly higher (=3 A) than .. p.

Since we have now calculated all the parameters, we are now in a position to
calculate the RMS values of the transformer primary and secondary currents and therefore,

the conduction losses in the ZVT forward converter. This calculation is detailed in

Appendix A.

The overall conduction losses for the forward converter were found equal to 3.83 W.

2.5 The Complementary Half Bridge Converter

The simplified schematic and the primary current waveform of the Complementary
half bridge converter are shown on Figure 2.10 below. The theory of operation is explained

in detail in [3], [4] and [5].

As far as the Zero Voltage switching goes, the theory of operation of the
Complementary Half Bridge converter is almost identical to the one of the forward
converter, therefore, only the important steps of the previous paragraph will be repeated

here.
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Figure 2.10  Complementary half bridge with self driven synchronous rectifiers
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Referring to Figure 2.10, the voltage at the middle point of the capacitive divider
consisting of C1 and C2 is easily calculated by noting that the transformer is always being
driven in one direction or the other and must therefore satisfy the volts - microseconds

balance. Therefore,

V=DV, and, of course, Vea=(I-D)-V;,

If we neglect the transition times, the output voltage is easily calculated by expressing
the volts - microseconds balance across the output inductor: the voltage at the front end of
the output inductor is equal to V,, - (1 —D)/N during D-7s and equalto V,,- D/N during
the remainder of the period, i.e. (1—D)-Ts. Therefore, the output voltage is simply equal

to the average value of the output filter front end voltage and is given by

2-D-(1-D)-V;,

|% =
out N 2.5.1)

where N is the turns ratio of the primary to one half secondary.

However, as shown in [3], the transitions are not instantaneous: two overlap periods
exist during which the current is being transferred from one synchronous rectifier to the
other. During this overlap periods, the voltage at the front end of the output inductor equals

zero, which will cause a reduction of the output voltage.

Figure 2.11 below shows the Complementary Half Bridge Converter secondary
rectifier stage along with the waveforms of the voltage across the transformer secondary,

the voltage at point A and the secondary current.
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As can be seen from Figure 2.11, when the secondary voltage changes polarity, the
voltage at point A stays at zero for two periods of time #,,; and f,,; during which the output
current is gradually transferred from Q4 to Q3 and vice-versa; during this time, both Q3 and
Q4 conduct through their antiparallel diodes because Ve of both Q3 and Q4 are equal to
zero. Neglecting the ripple current through the output inductor and assuming the reverse

recovery current of Q4’s body-drain diode is negligible, the overlap times are given by

LI L1
? gyl = 0 (2.5.2) and t pyp S (2.5.3)
2-(1 - D)-V,, 2-D-V;,
N N
The total overlap time, which is the sum of #,,; and ¢,z is given by
Lyl,
t .=t t = 254
ov=tovl " tov2 2-D-(1-D)-V,, ( )
N

We have seen in paragraph 2.4 that any time overlap decreases the effective converter
duty cycle which in turn causes a decrease in output voltage. If we call V,, the voltage drop

across Q3 and Q4 when they conduct, the expression of the output voltage is given by

DVin U-D)Ts-top (I-D)Vin DTs-toy
: . : -

vV =
out N TS N TS on

After replacing t,,; and ¢#,. by their expressions given by (2.5.2) and (2.5.3), we
obtain

2D -D)Vin Lylo

V_, .=
out N Ts on

2-D-(1 - D)-V,

or: Vout= N - le'Io'FS - Von (2.5.5)
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1
where Fs-?— is the switching frequency.
s

Expression (2.5.5) is very similar to the one we had found in paragraph 2.4 in that the
effect of the secondary leakage inductance is identical in both cases. It should be noted that

making Ly and V,, equal to zero in (2.5.5) leads back to (2.5.1).

If V,, and I, are held constant, the right hand side of (2.5.5) reaches its maximum for
D =0.5. This means that the control region for this converter goes from D=0 to D =0.5
and thus the maximum allowed duty cycle is 50 %. The maximum voltage occurs when the

input voltage is at its minimum, i.e. Vin = Vilgin =90 V.

Therefore, from (2.5.5), we can readily calculate the transformer turns ratio:

D ppax = 0.5 Ly = 33107

N = N=12.38

We choose N = 12.

Using (2.5.5) again, the nominal duty cycle D for Vi, = 100 V was calculated in

Appendix A; the calculation yields D = 0.321.

We now proceed to calculate the maximum magnetizing inductance which will
guarantee ZVT in less than 200 ns. Again, we will consider the worst case (slowest)
commutation, which is the one corresponding to the smallest value of primary current, i.e.

Ieg_p 0N Figure 2.10.

As for the forward converter, the Complementary Half bridge commutation takes
place in two phases; Figure 2.12 and Figure 2.13 show the equivalent schematics of the

Complementary Half Bridge converter during Phase I and Phase II respectively. Also
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represented on both figures are

corresponding phase

the voltages and the
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-
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Figure 2.12 Complementary Half Bridge Converter Equivalent Circuit During Phase |
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Figure 2.13  Complementary Half Bridge Converter Equivalent Circuit During Phase II.

currents at the beginning of the

D.Vin

Referring to Figure 2.12, voltage sources D-V,, and (1-D)-V, represent the

voltages across capacitors C2 and C1 of Figure 2.10 respectively. Since the transition will

last less than 200 ns, we can safely neglect the voltage variation across these capacitors
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during the transition and therefore these capacitors can be replaced by constant voltage
sources. If we compare Figure 2.12 and Figure 2.13 with Figure 2.4 and Figure 2.5
respectively, we see that they can be made identical by performing the following

substitutions:

1. Voliage source V;, of Figure 2.4 must be replaced by D-V,, .
2. Voltage source V, of Figure 2.4 must be replaced by (1-D)-V,,.

3. Initial voltage V. across the primary and secondary capacitance must be replaced

by D-V,,.

Therefore, the analysis which was carried out for the forward converter can be
repeated for the complementary half bridge converter simply by making the above

substitutions in the equations.

The detailed calculations are performed in Appendix A, where we defined the same
working variables as for the forward converter. The MOSFET parameters used were those
of 200 V MOSFETsS as opposed to 400 V MOSFETs for the forward converter. The 200 V

MOSFETS characterisation has been carried out in Appendix B.

V1, V2, tI and 2 were calculated for a range of values of I, p; the results are shown

on the two graphs below.

51



8.510 3

\~\ :
1
\\“~ 3 s
-8 \‘\\__‘~\ ’ '
810 & g H
\.
(Y
- 1
75108 A
by
' \\
]
! 1
l1k+ Qk 7-10 8 1 \\
! \
t
5 | N\
6.510 : N
H
1
~8 : \"-.
6°10 : Al
1
!
-8 5
52107 53 26 3 32 34 36 3.8 4
I neg_pky

Figure 2.14 Total transition time as a function of /,.g o«

100

95

Ve 90

85

80

24

2.6

2.8

3 3.2

I

34

neg_pky

3.6

3.8 4

Figure 2.15 Primary Voltage Excursion as a function of /,,g o«

As can be seen from Figure 2.15, the current /.  required to perform ZVT equals

3.5 A. From the figure, this is the minimum current which will yield a value of V2 equal to
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Vin, i.e. 100 V. From Figure 2.14, this value of current will lead to a total transition time

tl + 12 equal to 78 ns.

As can be seen, the transition time for a full ZVT is much shorter for the
complementary half bridge converter than for the forward converter. This difference can be

explained by two factors.

1. The total voltage excursion equals 100 V as opposed to 259 V in the forward

converter.

2. The MOSFETs used are 200V size 5 devices (IRFM250) which have less
parasitic capacitance than the 400V size 6 devices (IRFM360) used in the

forward converter.

We can now proceed to calculate the primary inductance value needed to produce a

value of I,..; x equal to 3.5 A.

With reference to the waveforms shown on Figure 2.10, I1 and 2 represent the
average values of the primary current during the conduction period of Q1 and Q2
respectively. I1 and 12 could also represent the actual values of the primary current if the

transformer magnetizing inductance and the output inductance were infinite.

Since the transformer primary is connected to the common connection of capacitors

C1 and C2, its average value over the whole period must be zero.

Therefore, I11-D=12-(1 - D)

On the other hand, when Q1 turns off and Q2 turns on, the primary current undergoes
a variation equal to twice the load current divided by the turns ratio.

2-7 0
Therefore, II + I2=
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The above two equations enable us to calculate /7 and /2.

2-(1-D)I, 2-DI,
Hem— ot and 1=
N N

Referring to Figure 2.10 again and calling Al the peak to peak value of the primary

magnetizing current, we obtain

Al 2-(1 - D)-Io Al
ka=11 + ——2— or ka=—T—— + -? (256)
AI Z‘D'Io A[
Ineg_pk=12 + ——2— or Ineg__pk"’ N + 3— (2.5.7)

Using the values of D =0.321 and /,..; » = 3.5 A which were calculated above , we
can easily calculate Al from (2.5.7)

4-D 1,

l’leg_pk - —N'— or Al = 5.41

Al=2-1

We can now calculate the transformer magnetizing inductance required to yield Al =
5.41. Referring to Figure 2.10, when Q1 conducts, the voltage (1-D)-V,, is applied to the

transformer during D - Ts seconds.

D-(1 - D)-Ts-V, D-(1 - D)-Ts-V ,

Therefore, A= or L_. =
, ri
L pri P vall

This yields a value of L, equal to 10 uH.

To confirm the above results, a PSPICE model of the complementary half bridge
converter was built, using the parameters calculated above and using the model for the
MOSFETs developed in Appendix B which includes all the non-linear effects highlighted

above. The circuit schematic is shown on Figure 2.16 below. The circuit was simulated at a
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switching frequency of 400 kHz, with a duty cycle of 0.321 as calculated in Appendix A and

with an output current of 15 A.

The gate drive circuit has built-in delays which provide enough time for ZVT to
occur: ideally, the built-in delays should be just sufficient for each primary MOSFET to turn

on through its anti-parallel diode before voltage is applied on its gate.
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Figure2.16  PSPICE Model of the Complementary Half Bridge Converter
The results of the simulation are shown on Figure 2.17 below.

Shown on Figure 2.17 are the waveforms of the drain voltage of M2 and the current
through the transformer primary (see Figure 2.16 above). As can be seen from the
simulation, a primary current .., » value of 3.5 A is just sufficient to bring the peak drain

voltage of M2 up to 100 V, which confirms the above calculations.
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It should be noted that the natural commutation causes the drain voltage of M2 to

reach its peak value of 100 V exactly at the instant the primary current changes sign, as

expected.

After the maximum voltage of 100 V is reached, the drain voltage of M2 rolls back

down to about 70V until a sharp rising edge brings it back to 100 V. This simply indicates

that the gate drive built-in delays were made too high and thus allow a resonant discharge of

the primary parasitic capacitances to be initiated before the upper MOSFET M1 is actually

turned ON; this excessive delay causes MOSFET M1 to experience a “hard” turn-on over a

voltage range of about 30 V (second rising edge on Figure 2.17).
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The duration of the voltage transition is 85 ns, slightly higher than the predicted 78 ns.

The output voltage (not shown) equals 3.34 V for a duty cycle D = 0.321.

As can be seen from Figure 2.17, the duration of the negative ZVT is lower than for
the positive ZVT: this is the direct consequence of the positive peak current I, being higher

than 7, neg_pk-

From Figure 2.17, the value of I equals 4.3 A, very close to the value calculated in
Appendix A.
Since we have now calculated all the parameters, we are now in a position to

calculate the RMS values of the transformer primary and secondary currents and therefore,

the conduction losses in the ZVT complementary half bridge converter. This calculation is

detailed in Appendix A.

The overall conduction losses for the complementary half bridge converter were

found equal to 4.1 W.
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2.6 The ZVT Flyback Converter
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Figure 2.18 below shows the simplified schematic of the ZVT Flyback Converter
along with the waveforms of the primary and secondary currents. The dotted lines represent

the primary and secondary current wavefcrms of a conventional Flyback converter.

As seen from the simplified diagrams, the slopes of the primary and secondary

currents are much steeper for a ZVT Flyback than for a conventional Flyback.

The theory of operation is almost identical to that of a conventional Flyback converter

with some modifications highlighted below.

It should be noted that if secondary synchronous rectifiers are used in a conventional
Flyback converter, their turn-on occurs under zero voltage because when the primary
MOSFET is turned off, the energy is being transferred to the secondary winding and hence
to the output capacitor through the anti-parallel diodes of Q2 and Q3 (see Figure 2.18 );
therefore, Q2 and Q3 can be subsequently turned on their gates without incurring turn-on
losses. However, in a conventional Flyback, the primary MOSFET Q1 experiences a “hard”

turn-on.

As discussed earlier, the ZVT Flyback converter is characterised by a transformer
magnetizing inductance much smaller than that of a conventional Flyback converter; as a
result, the magnetizing current variation over one switching period is considerably larger.
Referring to Figure 2.18, this large magnetizing current variation causes the secondary
current (/... in Figure 2.18) to become negative. With respect to synchronous rectifier
MOSFETs Q2 and Q3, this negative secondary current is a forward transistor current which

can be interrupted simply by turning off Q2 and Q3.

Once Q2 and Q3 are turned off, the transformer magnetizing current charges the
output capacitances of Q2 and Q3 and discharges the output capacitance of Q1 and the

transformer winding capacitance. If enough magnetizing energy is stored in the transformer
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inductance at the moment Q2 and Q3 are turned off, ZVT is achieved for the primary

MOSFET Ql.

The purpose of this paragraph is to calculate the minimum value of the peak negative

secondary current ., p in order to guarantee ZVT for the primary MOSFET Ql.

Before we attempt to do so, we must first calculate some key parameters of the

converter such as the steady state duty cycle D and the transformer turns ratio.

We note that the average value of the secondary current must be equal to the output

current I,. Hence,

I, -1
pk neg_pk.(]_D)=Io

2

(2.6.1)

The above expression suggests that we must look for a duty cycle as short as possible
because the energy is transferred to the secondary during (1-D); hence, in order to

minimize the RMS value of the secondary current, it is desirable to *“spread” the secondary

current over the longest possible period of time.

Choose D =0.25

The balance of volts-microseconds across the transformer requires:

D-Vip=(1 - D)'N'<V0ut * Von)

V.. represents the voltage drop across the secondary synchronous rectifiers and is
taken equal to 0.2 V. V,sisequal to 3.3 V.

D-V,;,
- D)'<Vout * Von)

Therefore, N or N =9.524

Take N = 10; we then need to recalculate the duty cycle according to the new value of
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N'(Vout * Von)

= or D =0.259
N’(Vout ¥ Von) *Vin

D:

The maximum drain to source voltage of the primary MOSFET Q1 equals
VDS pmax = Vit maxe + N-(V our + V on) VDS poe =145V
This value of VDS .. allows the use of an IRFM250 (200V) MOSFET for Q1.

The next step we need to carry out is the calculation of the minimum value of J,e;_p«

which will guarantee ZVT for Q1 in less than 200 ns.

Figure 2.19 below is the equivalent schematic of the ZVT Flyback during the soft
transition which immediately follows the turn-off of secondary MOSFETSs Q2 and Q3.
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Figure 2.19  ZVT Flyback Equivalent schematic during the soft transition

Represented on Figure 2.19 are the voltages and currents at the beginning and at the

end of the transition, assuming that the converter achieves full ZVT.

Capacitances C,n(V) and C..(V) represent the non-linear output capacitances of the
primary and secondary MOSFETSs respectively. The expressions of Cpri(V) and Ci.(V) are
given by
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pri pri
C,itV)= +
pr A Ypri 1% (2.6.2)
< pri” ) 1+ 08 '
Cgdo Cdso
C e =2- secy . sec
S

(A sec * V) “ 1+ v (2.6.3)

0.8

Expressions (2.6.2) and (2.6.3) are very similar to (2.2.1). Each of them contains two
terms which correspond to the drain to gate capacitance and the drain to source capacitance

respectively. Parameters Cgdopr, Cdsopri , Apri and %, are those of an IRFM250 MOSFET
and are calculated in Appendix B. Parameters Cgdo,.. , Cds0Osec , Asec and %ec are those of an

FSYCO053LD MOSFET and are also calculated in Appendix B. The multiplying factor of 2

in (2.6.3) accounts for the fact that we have two secondary MOSFETSs in parallel.

We will analyse the soft transition the same way as we did for the ZVT Forward
Converter and for the ZVT Complementary Half Bridge by writing the energy balance at

the beginning and at the end of the soft transition.
Let’s define the following variables:
El =total energy stored in the reactive elements at the beginning of the transition
E2 =total energy stored in the reactive elements at the end of the transition

L,.. = transformer magnetizing inductance as seen from the secondary winding
(=Lpi/ N*)

Ieg pk = current through the transformer at the beginning of the transition (reflected to

the secondary of the transformer).

L.q = current through the transformer at the end of the transition (reflected to the

secondary of the transformer).
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EC,n(V) = Energy stored in the primary MOSFET output capacitance when the

voltage across this capacitance is equal to V.

EC..(V) = Energy stored in the secondary MOSFET output capacitance when the

voltage across this capacitance is equal to V.
At = duration of the transition

From inspection of Figure 2.19 and after replacing L, by N°x L. , we have

1 2 1 2
El=— L sect neg_pk” * ECpri(Vin * NV our) + 5C oo (N'V ou) (2.6.4)
1 2 Vin 1 2
EZ:E.L seclend + EC gec|— + Vouf) i E'tho'<vin) (2.6.5)
Vin
In the above expressions, ECpri(Vin + N'Vout> and EC g,. T Vour| are
given by
(Vin* NVou
EC pri(Vin * NV ouz) = CpritV)-vav
JO
( Vin
N Vout
Vin
EC soc N * Vour -_J Csec(V)-VdVv
0

where C,(V) and C;.(V) are given by (2.6.2) and (2.6.3).

The energy difference E2 - EI can only have been supplied by the sources represented

by Vin and Vour
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1. Energy supplied by Via: Via x /dQ); from Figure 2.19, the total charge coming from

or going to Vi, is the result of the discharge of C,(V) and is actually returned to V;,.

Therefore,

Vin " NVour

EVin="Vin'J CpritV) dv
0
2. Energy supplied by Vou: Vow x /dQ; from Figure 2.19, the total charge coming

from or going to V,,, is the result of the charge of C,.(V). Therefore,

E vour=V our C sec(V) dV
0

As stated above, E2 - El = Ev;, + Evour, On the other hand, E2 - E] can also be
obtained by subtracting (2.6.4) from (2.6.5); by identifying the two expressions of E2 - E/

and after simplifications, we obtain

1 2 2
E'L sec'(l end ~ 1 neg_pk >"AE (2.6.6)
where
Vin Vin
Vout * 3 Vin*t NVou Vout*T
AE=V our CsecV) dV - V- Cpri(v) v - CsecV)Vav ..
0 0 0

1 2 1 2
Cpn(V)VdV——Z-COCOVln +E'Cf0'(N.V0uI)

(2.6.7)

The right hand side of (2.6.6) represents the capacitive energy variation required to

achieve a full ZVT. If we make IL.s = 0, then (2.6.6) reduces to
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1 2
E'L sec'Ineg_pk = AL (2.6.8)

which corresponds to the situation where the magnetic energy stored in the

transformer exactly equals the capacitive energy variation required to achieve ZVT. This of

course corresponds to the minimum value of Jneg_pi.

There are three unknowns in (2.6.6): L. , Jneg s and I.s. Equation (2.6.1) provides a

second equation but also introduces a fourth unknown Z.

A third equation can be written by expressing the magnetizing inductance L. as a

function of the total secondary current variation.

dr

‘We have : Vout + Von'Lsec'zi—;

the

Therefore,

(Vout * Von)-(1 - D)-Ts

L =
sec 1

2.6.9
pk* Ineg_pk ( )

Another important parameter is the duration of the transition A4z.
We have imposed the constraint 4z <200 ns. We therefore need an expression for 4t.

V.
The total voltage variation reflected to the secondary side equals _NL” +Vout-

At any intermediate voltage V such that

Vin

O<V« +V

ot

the voltage across the secondary MOSFET capacitance Cj,. is equal to V whereas

voltage across the primary MOSFET capacitance Cpn- is equal to
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Vin + NV 5 - N-V. Therefore, the total parasitic capacitance reflected to the secondary
side equals
2 2
Ceec(V) + N ’Cpri(Vin + NV e - N-V) + N 'szo
If we call I(V) the current through the transformer inductance at voltage V, we have

dv

2 2
I(V)'<Csec(V) * NCppi(Vin + N-Vye - NV) + N 'CV")'E

Therefore,

2 2
(Csec + N Cpri(Vin * NV gy = N-V) + N*-C i, )-dv
(V)

(2.6.10)

The total transition time is then obtained by integrating (2.6.10) from 0 to

Vin

N *Vour

However, we need an analytical expression for I(V). This expression can be obtained

by re-writing the energy balance equations (2.6.6) and (2.6.7) between O and V, where

V.
O<V<—A;—n+ Vout

We obtain
Ly -<I(V)2-I 2>-AE(V)
5 T sec neg_pk
Therefore,
AE 2
(V)= 2220 I neg pk° (2.6.11)
L sec
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AE(V)'Vout'J
+J’

"y

where

Vin+ NV oour | %

Cpn-(x) dx - J Ciec(x)xdx ...
0

Vv

C sec(x) dx - Vin'J
0

Vin t NV - NV

Vin+ NVoy (2.6.12)

1 1 2
C pri(®)-xdt = ~-C gy (N-V - N-V o) + > Cofo (MY our)’

Vin+ NV, - NV

And finally, after integrating (2.6.10),

out
2 2
Csec(V) + N 'Cpri<Vin NV oy - N'V> *N"-Cypy 4V

jZ-AE(V) " 2 (2.6.13)

neg_pk
sec

The system of equations consisting of (2.6.1). (2.6.6), (2.6.9) and (2.6.13) was

iteratively solved in Appendix A for a switching frequency of 400 kHz (Ts = 2.5 us). The

results were the following:

L = 524 A
gk = 119 A
Lona = 1.7A

Ly, = 101 nH
At = 197 ms.

To confirm the above results, a PSPICE model of the ZVT Flyback converter was

built, using the parameters calculated above and using the MOSFET models developed in

Appendix B. The circuit schematic is shown on Figure 2.20 below. The circuit was

simulated at a switching frequency of 400 kHz, with a duty cycle of 0.259 as calculated
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above and with an output current of 15 A. The primary and secondary gate drive signals

had built-in delays to allow each MOSFET to turn on through its anti-parallel diode before

applying voltage on its gate. In order to obtain a current /.. px €qual to 119 A, the

transformer secondary inductance had to be reduced to 91 nH, down from the calculated

value of 101 nH.
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PSPICE Model of ZVT Flyback Converter

The results of the simulation are shown on Figure 2.21.
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Figure 2.21 Simulation Results for the ZVT Flyback Converter

Shown on Figure 2.21 are the waveforms of the drain voltage of M1, the current
through the transformer secondary and the current through the transformer primary,
reflected to the secondary. (see Figure 2.20 above). As can be seen from the simulation, a
secondary current I, o« of 12 A causes the commutation to occur in 192 ns, very close to
the above calculations. It can also be seen that the natural commutation is incomplete: there
is a residual voltage of about 3 V, which is then cleared by the forced turn-on of Q1; this
incomplete ZVT corresponds to L.a=0 , as opposed to the calculated value of 1.7 A. This
is a direct consequence of having reduced the transformer magnetizing inductance from 101

to 91 nH (less energy stored in L, ).

Since we have now calculated all the parameters, we are now in a position to

calculate the RMS values of the transformer primary and secondary currents and therefore,
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the conduction losses in the ZVT Flyback converter. This calculation is detailed in

Appendix A.

The overall conduction losses for the ZVT Flyback converter were found equal to

53 W.

2.7 Comparison summary

The comparison carried out in the previous paragraphs yielded the results shown in

Table 2.2 below.

Table 2.2 Efficiency comparison of three topologies

ZVSs ZVS ZVS
Forward CHBC Flyback
Converter Converter
Turns Ratio (N) 17 12 10
Duty Cycle (%) 61.8 32.1 25.9
L Ref. to primary (A) 3 4.3 5.24
Leg px Ref. to primary (A) 2.1 3.5 1.19
Transformer winding + 1.12 1.445 2.431
interconnection losses (W)
Primary MOSFETs 0.663 0.606 0.313
conduction losses (W)
Secondary MOSFETSs 2.048 2.048 2.543
conduction losses (W)
Total Conduction Losses 3.83 4.1 5.3
W)

The higher losses occurring in the Flyback converter are due to the fact that, unlike in
the other two converters, the steep slope of the modified primary current is also seen on the

secondary side. This causes the RMS secondary current to be quite high, which in turn
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causes high conduction losses in the secondary winding as well as in the synchronous

rectifiers.

The losses in the ZVT Forward converter are comparable to those occurring in the

ZVT Complementary Half Bridge converter.

However, the half bridge carries the significant advantage of requiring 200 V
MOSFETs on the primary side as opposed to 400 V MOSFETs required by the forward
converter. So far, 400 V RadHard MOSFETs have been supplied by only one manufacturer

and have not been available in any surface mount package.

Also, comparison of Figure 2.9 and Figure 2.17 shows that the transition times are
much longer in the ZVT Forward converter than in the ZVT Complementary Half Bridge.

This in turn puts a limit to the switching frequency.

For these reasons, the complementary half bridge topology is the chosen topology for

developing a +3.3 V converter.
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Chapter 3
Design of a ZVT Complementary Half Bridge

Converter

3.1 Introduction

The comparative study carried out in Chapter2 concluded that the ZVT
Complementary Half Bridge (ZVT CHB) was the best topology in terms of efficiency for
developing a 100 V to 3.3 V converter. We now want to design such a converter, based on
the schematics shown on Figure 2.10 and Figure 2.16 and taking full advantage of the

principles developed in the previous chapter.

We will choose a switching frequency of 400 kHz.

3.2 Power Circuit Description

The schematic of the proposed converter power section is shown on Figure 3.1

below.

The proposed schematic differs from the one shown on Figure 2.10 and Figure 2.16 in
that it implements a current doubler on the secondary side; this current doubling technique

is described in detail in [11] to [14] and offers the following significant advantages:

The transformer secondary has only one winding as opposed to two windings with a

center tap in Figure.2.10, which greatly simplifies its construction.
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Since each output inductor carries half of the output current, only half of the output
current flows through the transformer secondary winding at any moment, which reduces the

secondary copper losses by a factor of 4.

As will be shown further in this chapter, the disappearance of the center tap at the
transformer secondary winding has the effect of reducing the transformer turns ratio by a
factor of two; this means that for the same number of secondary turns, only half the number
of primary turns are needed for the current doubler topology, which greatly simplifies the
construction of the primary winding. It should be noted that, with the new turns ratio
divided by two, the primary current remains unchanged with respect to the non current
doubler topology because the secondary current is also divided by two; as a result, having
only half the primary turns with the same primary current results in primary copper losses

divided by two.
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Figure 3.1 ZVT CHB Schematic (Power section)

Figure 3.2 shows the voltages and currents amplitudes at different points of the circuit

during primary MOSFET Q1’s conduction time D-Ts and during primary MOSFET Q2’s

conduction time (1-D)-7s. As can be seen from Figure 3.2, the secondary synchronous

rectifiers are self driven, i.e. their gate to source voltage is directly derived from the power

transformer secondary winding.

Figure 3.3 shows the ZVT CHB secondary rectifier stage along with the idealized

waveforms of the voltage across the transformer secondary, the voltages at points A and B

and the secondary current.
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With reference to Figure 3.3, the voltage waveforms at points A and at point B are
filtered by output filters: LI, Cou and L2, C,u respectively. Therefore, the output voltage
can easily be calculated since it is simply the average value of the voltage at point A or at

point B.

Taking the average value of voltage at point B and calling V,, the voltage drop across

each synchronous rectifier when it is conducting, we obtain

1||U-D)Vy, -
Vout"’B_average’E' N - Von '(D'TS - tov]) B Von'(Ts - D-Ts + tov])
1 U-D)Vpy,
or Vour + V0n=};-————N -(D-Ts - tm,,)

In the above two expressions, %, is one of the two overlap periods which had already

been identified in paragraph 2.5.

Since during the commutations, the current through the transformer secondary

undergoes a variation whose amplitude is equal to I, it is easily shown that

; L lk'Io
V=1 -Dyvy, (3.1)
N
Therefore,
D-(1- D)V,
Vour= v Lyl yFs-V,y, (3.2)

where Fs = % is the switching frequency; the same result would have been found by
S

calculating the average value of the voltage at point A.

If we compare expression (3.2) above with expression (2.5.5), we see that they are

almost identical except for the factor of 2 in the numerator of (2.5.5). Therefore, if all other
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parameters are kept the same, (2.5.5) and (3.2) will yield identical values of output voltage

if the turns ratio N in (3.1) is made equal to one half the turns ratio in (2.5.5).

If the turns ratio is reduced by a factor of two, then expressions (3.1) and (2.5.2) also
yield identical values of to;. It is easily shown that this conclusion can be extended to all

parameters calculated in paragraph 2.5.

Therefore all the analysis made in paragraph 2.5 remains valid provided we divide the
turns ratio by two. The turns ratio NV found in paragraph 2.5 was equal to 12; hence, from

this point on, we will adopt a turns ratio N equal to 6.

3.3 Oulput Filter Design

The proposed modification of the standard ZVT CHB converter has the drawback of
introducing a second output inductor L2. It offers however the potential of reducing the

output ripple current into the output capacitor to zero for a specific value of the duty cycle.

Figure 3.4 shows the idealised waveforms of the current through LI, the current

through L2 and the output current before the output capacitor, which is the sum of Ir; and

Ipa.
It can be seen from the figure that the output current ripple 47 , is equal to

Alp-4Alps.
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Referring to Figure 3.2 which shows the voltages applied to L1 and L2 during D-Ts

and (1-D)-Ts, we can easily calculate Al j ; and Al ;.

|4 +V
out on
Al a2 22D.Ts
L1 LI

V_ . +V
out on
Al poml2¥ 9N (1. D)-Ts
L2 72 ( )

For a specific value of the duty cycle D which corresponds to the nominal input

voltage, we want to make 4/ , =0.
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14 +V vV +V
Therefore, Al y; - Al ;=0 or M-D-Ts - M-(] - D)-Ts=0
L1 L2
This yields
l1-D
L2m —
L— (3.3)

From paragraph 2.5, the value of D corresponding to the nominal input voltage of

100 V equals 0.321; therefore, from (3.3), L2 = 2.115 X L1.

In order to calculate the actual values of LI and L2, we must define a maximum value
of the output ripple current Al,; Let’s choose: Alom..= 1.5. We must now determine the

value of the duty cycle where the above ripple current will occur.

From above,

|4

+V0 vV
Al =Al f; - Al fo=

out n
-D-Ts -

LI

If we replace L2 by 2.115 x LI in the above, we obtain

Vout + Von_Ts 3.115-D - 1
L1 2115

Al (D)= (3.4)

The above expression reduces to zero for D = 0.321 as expected. From paragraph 2.5
and Appendix A, the values of D corresponding to the minimum and maximum input

voltages are
D,in = 0.273 for Vi, = 110V and De, = 0.5 for Vi, = 90V.
From (3.4),

| %4 +V
out on
Al (D ppin)=-0.071 —g T (3.5)
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whereas

|4 +V
out on
AIO(D m>=0.264-TTS (3.6)

From above, it is clear that the worst case corresponds to D = D, = 0.5.

Having chosen A4l0,.: = 1.5 and knowing all other parameters, we can calculate L/

from (3.6).

We obtain LI = 1.54 pH.
L2=2.115x LI =3.26 uH

Output capacitor calculation We impose a maximum output peak to peak ripple of

15 mV at the switching frequency of 400 kHz.

ar,

out™ 8-Fs-C out

The peak to peak ripple voltage is given by AV

where Al, is the worst case value of 1.5 A

We need 4V = 15 mV therefore, Cour =31.25 uF

out '

3.4 Transformer Design

In order to respond to the market trend for ever lower profile DC to DC converters,
we deliberately chose to design the transformer as a low profile customized geometry. The
magnetic core is a custom E - I shape made of Philips 3F3 ferrite material. The core is
designed in such a way as to accommodate a small Printed Circuit Board (PCB) which
contains the transformer windings. As explained above, the transformer turns ratio for this

topology is equal to 6. Since the output voltage we are to generate is very low (3.3 V), the
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secondary winding may consist of only one turn and therefore, the primary winding will

have 6 turns.

Figure 3.5 below shows the cross-section of the PCB which contains the transformer
windings. As can be seen, the PCB consists of 10 layers, six of which contain the primary
winding and the remaining four layers are connected in parallel to make up the secondary
winding. The second part of Figure 3.5 shows two cousecutive primary layers and one
secondary layer. As can be seen from the layer build-up and from the detailed layer drawing,
each primary section consists of 2 layers comprising three turns each and connected in
series. There are three identical primary sections which are interleaved with the secondary
layers and connected in parallel. This design minimises leakage inductance and AC copper

losses.
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Figure 3.5 Main Power Transformer Design

L3, L6, LS

There is a gap in the center leg of the magnetic core which yields a primary

inductance value of 10 uH in accordance with the analysis carried out in paragraph 2.5.

The magnetic core has a cross-section A. of 0.7 cm® , thus the AC flux density is

calculated as follows:
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] D-(1 - D).V,
= — or B, = 0.065 Tesla
2 N-A C-Fs

B

ac

This value of flux density yields a core loss of 0.377 W for a 3F3 material at 400 kHz

As has been identified in [4] and [5], the transformer used in this topology has a DC

magnetizing current whose average value equals

I,

Imagn_DC = WV(I - ZD)

This DC magnetizing current in turn creates a DC flux density in the magnetic core.
The peak flux density in the core is the sum of the DC flux density and the AC flux density
calculated above and must be kept below the saturation flux density of 0.3 Tesla for ferrites.

B,c was calculated above as 0.065 Tesla.
Let’s calculate Bpc..

We have

L__.-I
pri* magn_DC
N-Dpc=L pri'l magn_DC or  Bpc= VA

c

From the above expression 0of Jlygen pc» We  finally  obtain

L pri-d o1 - 2:D)

2-N*A,

Lyi=10uH,N=6,A.=0.7 cm?,I, =15 Aand D =0.321.
Therefore, Bpc = 0.011 Tesla.

Hence, By = Bpc + Bac = 0.076 Tesla which is well below 0.3 Tesla.

The winding losses in the transformer are the sum of the primary losses and the

secondary losses.
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The PCB transformer whose geometry has been described above has a primary DC

resistance of 33 mQ and a secondary DC resistance of 1 mQ.
The windings losses are equal to
P joi= R, I 2+R 1 2
wdg = * pri’* pri_RMS sec’* sec_RMS

where

R 0.033

W

pri

R 0.001

sec

I pri_RMS = 1.946 A (calculated in Appendix A)

I,
Isec_RMS = >

We obtain Py, =0.181 W

In reality, the winding losses will be substantially higher because the primary and
secondary windings exhibit AC resistances significantly higher than the DC resistances due
to proximity effect. The primary and secondary resistances were measured at different
frequencies up to 1 MHz with the opposite winding open and shorted; the secondary
resistance measurement was inconclusive because of the difficulty to measure a very low

resistance value (1 m); the primary resistance measurement yielded the following results at

400 kHz:
R, with secondary open: Rpri_open = 0.125 Q

R, with secondary shorted: ~ Rpri_short = 0.090 Q
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The reason why Rpri_open is higher than Rpri_short is believed to lie in the fact that
when measuring the primary resistance with the secondary open, the primary current is not
cancelled by any secondary current; as a result, the magnetic field outside the transformer
windings is non zero; this may cause the existence of a magnetic field component
perpendicular to the copper layers which compose the windings (see Figure 3.5); this in turn

causes large eddy currents to circulate in the copper planes which creates higher losses.

By contrast, when the secondary winding is shorted, the , the magnetic field outside
the transformer windings is equal to zero by virtue of Ampere’s Law; this forces the
magnetic field inside the windings to be parallel to the copper layers, which precludes the

existence of any H-field component normal to the copper layers.

The primary resistance characterization exercise yielded two curves of resistance
versus frequency. A curve fitting technique allowed us to obtain two empirical analytical

expressions for the primary resistance Rpri_open(f) and Rpri_short(f) .

In the subsequent efficiency calculations, the two empirical curves of primary

resistance obtained above will be used as follows:

The primary current is the sum of the load current Irpap Which is reflected to the
secondary winding and of the magnetizing current Iyuoy Which flows into the primary
winding only. It is therefore reasonable to assume that the magnetic field outside the
transformer windings due to I osp is zero, whereas the magnetic field outside the windings
due to Iyagy is non zero. On the other hand, both I1oap and Iuscy have fundamental terms

and harmonics; therefore, a first order approximation of transformer winding losses is given
by

2
(7 maGn,)

P wdg-ZRpri_short(”'Fs)' " ZRP’i—OPe"(n.FS) 2 GD
n n

IL04D,)’
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where Fs is the switching frequency, Iroapn and Iyacnn are the Fourier series terms of

the load current and magnetizing current respectively; the above sum is truncated at n = 8.

Using (3.7), we obtain Pwdg=0-475 W at 400 kHz, well above the value of

0.181 W obtained using only DC resistances.

3.5 GQGate Drive Circuit

As discussed earlier, the primary MOSFETs Ql and Q2 are driven in a
complementary fashion; however, in order to allow the soft transition to occur, a delay must
be implemented between the turn-off of Q1 and the turn-on of the complementary transistor
Q2. Likewise, an equal delay must be implemented between the turn-off of Q2 and the turn-
on of Q1. If no delay was present between the turn-off of one MOSFET and the turn-on of
the other MOSFET, then the latter would undergo a "hard" transition, which would defeat

the whole purpose of ZVT.
The delays described above must obey two criteria:

1. Their accuracy must be sufficiently well controlled in order to ensure a reasonable
degree of delay repeatability from one circuit to the next and also in order to

avoid the possibility of delay drifting over temperature and life.

2. The generation of these delays must not result in gate drive signals having rising

and falling edges less sharp than the original pulse width modulator output signal.

The above two criteria preclude the use of simple R - C delay circuits because they
have poor accuracy and because they do not retain the sharp edges which are required to

drive the MOSFET gates.

The retained delay generation scheme is shown on Figure 3.6. As can be seen, it
consists of a classical Pulse Width Modulator IC which controls the duty cycle based on the

control loop error signal, followed by a delay generator IC; it should be noted that the
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selected delay generator IC produces output signals Vq; and Vg which have low output

impedance and therefore have adequate gate drive capability.

UC1823AN UC3714N
VQ1
DELAY
PULSE GENERATOR
WIDTH PWM OUT AND
MODULATOR GATE
DRIVER
VQZ
Rd1 Rd2
PWM OUT
A
DxTs i (1-D)x Ts _
VQ1 4 VQZ
A
—> — Td2 —> 4— Td1

Figure 3.6 Gate Drive Signal Generation for Q1 and Q2

The timing of V; and Vp, with respect to the Pulse Width Modulator signal is shown

on the bottom part of Figure 3.6. As can be seen, two delays T, and Ty, are generated
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between the turn-off of one MOSFET and the turn-on of the other MOSFET. These two
delays T, and T, are independently programmable through two external resistors R,; and

Ry

If appropriate delays are implemented between the gate drive signals and if the circuit
is capable of achieving a full ZVT as per the criteria defined in Chapter 2, then each primary
MOSEFET is turned on under zero voltage, i.e. when its antiparallel diode is conducting. As
a consequence, no stringent delays and gate drive capability requirements are imposed on
the turn-on of the primary MOSFETSs because no turn-on losses will occur as a result of a

Ves rise slower than normal.

By contrast, the turn-off action must be fast in order to minimise MOSFET turn-off

losses.

The gate drive circuit for MOSFET Q2 (the bottom primary MOSFET on Figure 3.1)

is shown on Figure 3.7.

As the ZVT CHB circuit uses two complementary MOSFETS, a circuit identical to
the one shown is used to drive MOSFET Q1.
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Figure 3.7 Primary MOSFET Gate Drive Circuit

As can be seen from Figure 3.7, the gate drive circuit is transformer coupled,
consistent with the isolation requirement between the control circuit and the power
MOSFETs. The gate drive transformer consists of primary winding Les; and secondary
windings Ls; and Ls,. While secondary winding Ly, is tightly coupled to the primary winding,
L, instead is loosely coupled to Lg,. Therefore, Ls, exhibits a substantial leakage inductance
represented by Loyr. This leakage inductance in turn allows this circuit to charge the power
MOSFET gate to source capacitance in a resonant fashion. It is shown [20, 21} that

substantial power savings result from this gate drive technique.

On the other hand, the resonant gate drive resuits in a slower MOSFET turn-on than
in a conventional gate drive scheme. In our application however, this slower than normal
turn-on has no impact on circuit performance as per the above discussion. Therefore, this

drive scheme is quite acceptable.

Referring to Figure 3.7, the power MOSFET is turned on when the driving signal
Vorve goes positive. A resonant half cycle takes place on the secondary side between Loyr

and MOSFET Q2’s Cisson. When the resonant half cycle is over, diode D2 becomes reverse

91



biased and prevents Q2’s Cisson from being discharged. It should be noted that the resonant
transition allows the voltage at node G2 to rise to a higher value than the voltage across the
transformer secondary winding Ls, (node 4). This in turn allows a turns ratio between Ls,
and L. less than one (in our case, this turns ratio has been set at 0.67); in turn, this results
in a substantial reduction of gate drive power because the total charge delivered by the
primary gate drive circuit equals Q2’s total gate charge reflected to the primary side, ie.

multiplied by 0.67.

When the driving signal Vprye goes back to zero, the voltage across the transformer
changes polarity, which causes the voltage at node 11 to become positive. This causes
MOSFET Qaux to turn on and consequently, to provide a quick discharge path for Q2’s

Ciss ON-

Figure 3.8 shows the simulated waveforms of the Gate to Source and Drain to Source
voltages of MOSFET Q2 of the schematic shown in Figure 3.1. Figure 3.9 shows the
waveforms of the above voltages in the real circuit. It can be seen from both the simulation
and the measurement that the V,; waveform exhibits a smooth resonant rising edge and a

sharp falling edge, in accordance with the above discussion.

Figure 3.10 shows the simulated V.; of Q2 along with the voltage at the anode of D2
(Node 7 on Figure 3.7). Figure 2.1 shows the actual captured waveforms at the
corresponding points in the breadboard. From these two figures, the resonant action

described above is quite evident.

3.6 Converter Test Results and Waveforms

The prototype 3.3 V converter shown in Figure 3.1 was simulated using PSPICE and

tested under power at P,,,= 50 W, Fs = 400 kHz and with a transformer primary inductance

of 10 pH.
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In the simulation, the duty cycle was adjusted in order to obtain an output voltage of
3.3 V under full load (15 A). The PSPICE model makes full use of the MOSFET model

with the non-linear gate to drain capacitance developed in Appendix B.

Figure 3.12 shows the simulated waveforms of the Drain to Source voltage of Q2,
along with the transformer primary current. Figure 3.13 shows the same waveforms
captured in the real circuit. The comparison of the two figures shows an excellent
agreement between the simulation and the actual measurement. Both the simulation and the
measurement yield a value of I, » equal to -3.5 A, in accordance with the results of
paragraph 2.5; in addition, it can be seen that this value of 7, p« is just sufficient to cause a

full zero voltage transition, in full agreement with the result predicted by Figure 2.15.

Figure 3.14 shows the captured waveforms of secondary synchronous rectifiers Q3
and Q4 gate to source voltages. The waveforms of Figure 3.14 correspond to the idealized
waveforms at points A and B shown on Figure 3.3. Except for the oscillation which is
superimposed onto the ideal flat levels in the real measurement, the correlation between
Figure 3.14 and Figure 3.3 is very good. Moreover, Figure 3.14 clearly shows the overlap

times #,»; and z,,, which have been discussed previously.
The durations of ¢,.; and t,,, measured on Figure 3.14 are the following:
tov] = 60 ns and tng = 120 ns.

The theoretical durations, calculated using (2.5.2) and (2.5.3) with Ly = 33 nH
(measured on the real breadboard) and D = 0.321 would yield the following results:

tov; = 44 ns. and tov2 =95 ns

The measurements are shown to be in good agreement with the theoretical values.
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3.7 Converter Efficiency

The prototype converter as shown on Figure 3.1 was tested at a switching frequency
of 400 kHz, an input voltage of 100 V and an output current of 15A. The measured

efficiency was 85.4%.

It was immediately recognized that the addition of a second MOSFET in parallel with
Q4 could be beneficial to efficiency because Q4 conducts during (1-D) % Ts, i.e. during
most of the period. Therefore, the effective Rdsoy would be reduced by a factor of two

during (1-D) x Ts and hence would greatly alleviate the conduction losses.

On the other hand, the additional MOSFET would introduce extra parasitic
capacitance which not only would increase the switching losses but might also prevent full
ZVT from occurring on the primary side. With the additional MOSFET, the measured
efficiency was 86.5 %, which indicates that the savings in conduction losses exceeded the

additional switching losses due to increased parasitic capacitance.
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As a first step towards converter optimization, a mathematical model which calculates

efficiency was developed based on the following degrees of freedom:

Switching frequency: Although the implementation of ZVT makes the converter
relatively immune to switching losses, the converter will still experience significant

efficiency variations for the following reasons:

The energy stored in the parasitic MOSFET capacitances on the secondary side can
only be partially recovered. An important part of this capacitive energy is dissipated in the

synchronous rectifier gate resistances.

During the overlap times #; and t.2, the synchronous rectifiers conduct through their
antiparallel diodes; as a result, these will experience reverse recovery losses which are

proportional to the operating frequency.

As was outlined in paragraph 3.4, the higher the switching frequency, the higher the

losses occurring in the transformer windings as a result of proximity effect.

Number of secondary synchronous rectifiers in parallel: Based on the above
discussion, it is quite important to find out if the addition of synchronous rectifier
MOSFETs in parallel with the existing ones will result in an efficiency increase for any

switching frequency.

Power transformer primary magnetizing inductance: As explained in Chapter 2,
the deliberate increase of primary magnetizing current was found mandatory in order to
achieve ZVT. However, this added magnetizing current increases the primary current RMS
value which in turn causes additional conduction losses in the primary MOSFETSs and also
in the transformer primary winding. Furthermore, this added magnetizing current is not
compensated by equal Ampere-turns on the secondary side and therefore, as outlined in
paragraph 3.4, the resulting proximity effect and winding losses are more severe than in the

case of a perfectly compensated primary current. On the other hand, keeping the
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magnetizing current low will alleviate the primary conduction losses low but may also

introduce turn-on losses in the primary MOSFETs which need to be quantified.

The MathCad spreadsheet which calculates efficiency based on the above
considerations is shown in Appendix C. The mathematical model calculates the efficiency

based on the following calculated losses:

Conduction losses in primary MOSFETSs: The spreadsheet calculates the RMS
value of the primary current and uses this value to calculate primary MOSFET conduction

losses.

Switching losses in primary MOSFETSs: Based on the switching frequency and the
transformer magnetizing inductance value, the spreadsheet determines whether a full zero
voltage transition is achieved on the primary side. This determination is based on the non-
linear model described in Chapter 2 and in Appendix A for the ZVT CHB. If a full ZVT is
achieved, then no switching losses occur in the primary MOSFETS. If not, the spreadsheet
calculates the residual voltage resulting from the incomplete ZVT and calculates the
MOSFET turn-on losses using equation (2.2.3) where Vi, / 2 is replaced by the residual

voltage.

Gate losses in primary MOSFETs: As discussed in paragraph 3.5, the gate to
source capacitances of the primary MOSFETS are charged in a resonant fashion; therefore,
the gate turn-on losses are considered negligible. Therefore, the spreadsheet calculates the

gate losses incurred upon primary MOSFET turn-off.

Losses in primary capacitor bridge: Based on the RMS value of the primary
current calculated above and on the ESR value of the capacitors, the spreadsheet calculates

the dissipation in the input capacitors C1 and C2 (see Figure 3.1).

Conduction losses in secondary synchronous rectifier MOSFETs: These consist

of two distinct contributions:
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1. The losses due to MOSFET conduction.

2. The losses due to antiparalle]l diode conduction: during overlap intervals #.; and
t,v2, the voltage applied between gate and source of both synchronous rectifiers is
equal to zero; thus, both synchronous rectifiers conduct through their antiparallel
diodes. Therefore, the spreadsheet calculates #,,; and t.,; using (2.5.2) and (2.5.3)

and then calculates diode conduction losses during these intervals.
Switching losses in secondary synchronous rectifier MOSFETSs: These consist of:

1. Gate losses during the turn-off of the synchronous rectifiers. These result from a
soft capacitive discharge due to the soft ZVT transition on the primary side. This
soft capacitive discharge is represented by the falling edges of the waveforms

shown on Figure 3.14.

2. Gate losses during the turn-on of the synchronous rectifiers. These result from a
hard capacitive charge due to a hard transition on the secondary side. This hard
capacitive charge is represented by the rising edges of the waveforms shown on

Figure 3.14.

3. Reverse recovery losses associated with the synchronous rectifier antiparallel

diodes.

Losses in the main power transformer: These consist of core losses and winding

losses. The winding losses themselves are the sum of two distinct contributions:

1. Winding losses due to load current (compensated on the secondary side by equal

Ampere-turns)

2. Winding losses due to primary magnetizing current (not reflected on the

secondary side).
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As explained above, the proximity effect associated with each of the two components
of the primary current is quite different. The spreadsheet calculates the fundamental term
and the harmonics (up to the 8th) of both the load current and the magnetizing current and

then calculates winding losses using equation (3.7).

Losses in input inductors: The spreadsheet calculates the input current and then
calculates the winding losses through each of the two input inductors; core losses are

considered negligible.

Losses in output inductors: these mainly consist of conduction losses. Again, core

losses are considered negligible.

Losses in the control circuit: The power consumption of the control circuit

(excluding primary MOSFET gate drive) has been measured and found equal to 0.54 W.

The efficiency of the converter breadboard has been measured and calculated for four
different values of main transformer primary inductance and for four different values of

switching frequency.

The four different transformer primary inductances were obtained by introducing

different spacers in the magnetic core which allowed us to vary the air gap. The values of

primary inductance tried were: L, = 24.5 uH, 14.5 uH, 10.5 uH and 8.7 pH.

The switching frequency was varied from 200kHz to 500kHz in 100 kHz

increments.

Figure 3.15 shows the measured efficiencies (solid lines) versus calculated efficiencies
(dotted lines) for all the above conditions under full load (J, = 15 A), where Q4 consists in

only one MOSFET.

100



CONVERTER EFFICIENCY : Q4 = 1 MOSFET
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Figure 3.15 3.3 V Converter Calculated versus Measured Efficiencies when Q4 consists
of only one MOSFET

Figure 3.16 shows the measured versus calculated efficiencies under the same

conditions except that Q4 consists in two MOSFETS in parallel.
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Figure 3.16 3.3 V Converter Calculated versus Measured Efficiencies when Q4 consists

of two MOSFETs in parallel.

As can be seen from the above figures, the match between calculated and measured

efficiencies is excellent, which validates the mathematical model.

The interpretation of the above results is best done by considering the efficiency

variation over frequency for the two extreme values of primary inductance, i.e. 24.6 uH and

8.7 uH.

Referring to Figure 3.16, the top pair of curves corresponds to the calculated and

measured efficiencies for a primary magnetizing inductance of 24.6 uH. The efficiency at

low frequency is quite high because at that frequency, ZVT is achieved even though this

value of inductance is much higher than the calculated value of 10 uH; therefore, no

_ switching losses occur in the primary MOSFETs. All other switching losses are low due to
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the low frequency of operation. The conduction losses in the primary transistors and the
transformer winding losses are low because the RMS value of the primary current is low.

This explains the high efficiency at low frequency.

As the frequency increases however, ZVT is no longer achieved for the primary
MOSFETSs because insufficient magnetizing current is built up in the primary to guarantee
ZVT; as a result, turn-on losses occur in the primary MOSFETSs and these losses increase
rapidly with increasing frequency. This explains the relatively low efficiency at high

frequency.

The bottom pair of curves corresponds to the calculated and measured efficiencies for
a primary magnetizing inductance of 8.7 uH. It should be noted that this low value of
magnetizing inductance always guarantees ZVT for all switching frequencies up to
500 kHz. The efficiency at low frequency is very low because the magnetizing current being
built up on the primary side is very high, which causes the RMS value of the primary
current to be quite high; this in turn creates high conduction losses in the primary

MOSFETs as well as high transformer winding losses.

As the frequency increases, the transformer primary magnetizing current decreases,
yet remains sufficient to guarantee ZVT. As a result, no increase in primary switching losses
occurs. However, the primary conduction losses dramatically decrease as a result of the
sharp decrease in primary current RMS value. The efficiency curve for this magnetizing
inductance reaches a maximum beyond which the increase of the secondary switching losses
as well as the increase of transformer winding losses due to proximity effect cause the

efficiency to decrease again.

The comparison of Figure 3.15 Figure 3.16 reveals that the addition of a MOSFET in
parallel with Q4 causes an increase in efficiency which goes from 1 % for a frequency of

200 kHz down to 0.3 % for a frequency of 500 kHz. This reduction in efficiency gain at
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high frequencies indicates that the gain in conduction losses is partly offset by additional
losses associated with parasitic capacitances charge and discharge which increase as the

frequency increases.

3.8 Converter size optimization

Based on the mathematical model for efficiency described in the previous paragraph,
an optimization effort was undertaken in order to determine the optimum switching

frequency.

The goal of this exercise was to find the board area occupied by all the magnetics and

filtering capacitors of the power circuit as a function of the switching frequency.
The height of all the magnetics was fixed to 1 cm.

The following constraints were imposed on the power circuit being studied for all

switching frequencies:

" Power dissipated in the main transformer (core losses + winding losses) was

forced equal to 0.5 W.

. The transformer primary magnetizing inductance value was calculated in order

to just guarantee ZVT for all switching frequencies.

= The total power dissipated in the output inductors LOUT1 and LOUT2 (see
Figure 3.1) was forced equal to 0.3 W.

. The total power dissipated in the input inductors LIN1 and LIN2 (see Figure

3.1) was forced equal to 0.3 W.

The double stage input filter components are calculated in order for the differential
mode conducted emissions to exactly meet MIL-STD-461 CEO3 specification for all

switching frequencies; this specification allows a maximum input ripple current going from

104



74 dB above 1 pA (74 dBHA) at 15 kHz down to 45 dBpA at 500 kHz, following a log-

linear decrease.

A second stage output filter, not represented on Figure 3.1 was added to the power
circuit; the first and second stage output filter components are calculated in order to obtain

an output voltage ripple of 10 mV peak to peak.

The power dissipated in the second stage output inductor was forced equal to

0.15W.
The calculation details are shown in Appendix D.

The results of the optimization are shown on Figure 3.17 below.
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Figure 3.17  Total Area of Magnetics and capacitors versus Switching Frequency

As can be seen from Figure 3.17, the increase in switching frequency allows for a

quick initial decrease in converter total area; the reasons for this decrease are the following:

At a given peak to peak input current ripple or output voltage ripple, the capacitance

and inductance values in the input and output filters decrease as the frequency increases.

The magnetic core area of the main transformer which will yield a given peak flux

density is inversely proportional to the switching frequency.

The total magnetics and capacitors area reaches a minimum of 24 cm’ at a switching

frequency of 400 kHz.

Beyond this frequency, the area increases again. This is easily explained considering
that the winding losses in the main transformer and the core losses in all the magnetics

(including the transformer) increase as the frequency increases. Eventually, a point is
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reached where the magnetic core sizes and the winding cross-sections must increase in

order to keep the total losses constant as imposed by the constraints described above.

3.9 Conclusions

This chapter was devoted to the design and prototyping of a 3.3 V, 50 W converter
based on the circuit parameter values calculated in Chapter 2 in order to obtain ZVT on the
primary side. The waveforms recorded on the breadboard are shown to be in excellent
agreement with the predictions of Chapter 2. Moreover, the waveforms confirm the crucial

role played by the leakage inductance during ZVT on the primary side.

A mathematical model which calculates efficiency for different switching frequencies
and different primary magnetizing inductance values was developed. The measured
efficiencies on the prototype are shown to be in excellent agreement with the calculated

ones, using the model. At 400 kHz, typical efficiencies of 87% have been measured.

A mathematical model which calculates the size of the power magnetics and
capacitors as a function of the switching frequency has been developed. Fixed constraints
consistent with the efficiency and input/output ripple requirements are imposed to the model
for any switching frequency. It is shown that the size of the converter sharply decreases
from 100 kHz to 200 kHz and then slowly decreases until it reaches a minimum at 400 kHz.
Based on this small size decrease beyond 200 kHz and also on the efficiency figures
obtained before, it can be seen that there is little incentive to increase the switching

frequency beyond 300 kHz.
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Chapter 4
CHBC Dynamic Modelling

4.1 Introduction

Having designed and built the 3.3 V converter based on the CHB topology, it is now

necessary to study the issues related to the converter regulation, both static and dynamic.

The static regulation of a converter describes its ability to maintain its DC output
voltage within a given regulation band in the absence of perturbations, whereas the dynamic
regulation describes its ability to respond to perturbations such as an abrupt change of the

output current (step load change) or a sudden variation of the input voltage.

For this purpose, it is necessary to develop a model which accurately describes the
dynamic characteristics of the converter. This model will then be used to design a proper
compensation ; the purpose of this compensation is to correct the dynamic behaviour of the
converter in such a manner that under all specified conditions of input voltage perturbations
and output current changes, the deviations of the converter output voltage with respect to

its nominal value remain within specifications.
In modelling the CHBC, we will adopt the following strategy:
1. Development of a basic averaged dynamic model

2. From the basic averaged model, develop a small signal model
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3. Based on the small signal model, derive analytical expressions for the fundamental

transfer functions, i.e. Control to Output and Input to Output

4. Based on the transfer functions obtained in step (3), design a suitable

compensation loop such that the converter meets a defined set of requirements.

The results obtained at each of the above steps will be validated by tests before

moving on to the next step.
For the purpose of the following analyses, we shall adopt the following notations:

" Quantities designated by small letters represent a variable’s full value (steady

state value + AC small signal variation).

= Quantities designated by capital letters refer to steady state values.

[0l 24

. Quantities designated by small letters topped with a represent small signal

variations.

As an example of the above definition, the converter’s duty cycle would be described
by the following equation:

d=D+d

4.2 The Basic Averaged Dynamic Model

The basic averaged model can be obtained either by the classical state space averaging
technique [32] or by the switching cell averaging method [31], [34] where the averaging
exercise is performed on the converter switching cell only. Both techniques lead to locally
averaged state space variables (inductor currents and capacitor voltages); a locally averaged
state space variable is obtained by computing the average value of a state space variable

over one switching period. As demonstrated in [31] to [34], this fundamental step results in
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the complete elimination from the modelization process of the ripple at the switching

frequency.

Both methods rely on the fulfilment of a fundamental criterion: the dynamic variation
of locally averaged state space variables must be small over any switching cycle. This
implies that the poles and the zeroes of the converter considered as a dynamic system must

occur at frequencies significantly lower than the switching frequency.

Each method has its own merits: the state space averaging method is a systematic

approach which uses the well known formulation:
xX=A-x+B-u

where A, B and x are averaged over one switching period [32]. This method however
is purely mathematical at this stage and does not offer an immediate circuit insight because

the averaging process is performed on the entire circuit.

By contrast, the model obtained from the switching cell averaging technique is a
circuit where the original switching cell (usually a combination of switching MOSFETs and
switching diodes) has been replaced by the averaged switching cell, with all other circuit
elements remaining unchanged. The circuit thus obtained readily lends itself to simulation.
Moreover, since no small signal restriction was made thus far, this model is a large signal

model which is well suited to simulate large load and line transients.

Due to these advantages, the switching cell averaging technique was chosen to

develop the basic averaged model.

Figure 4.1 below shows the simplified schematic of the CHBC.
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Figure 4.1 Simplified Schematic of CHBC

As can be seen from the figure, the switching cell consists of four switches S1 to S4,

two of which are conducting during d x Ts, the other two are conducting during (1-d) X Ts.

N is the transformer turns ratio which was calculated in Chapter 2. Its value is N = 6.

Application of the switching cell averaging principle to the above circuit results in the

following equations:

Average voltage across S3

Auverage voltage across S4

Average current through S1

Average current through S2

v I
VS3=“§1"(1_d)—LIk 'Y%S

v !
Vs4 =“§72’d"le T—(;

L2 4

o mir o d
IS1="tLpri N

on =irpi (I~d)+LL.(1—d
is2 =ifpri-(1—d) N (I-d)
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Average voltage across
primary magnetizing VIpri=-vc2-d+vcy-(I- d) (4.2.5)
inductance

The above five equations are all that is strictly required to build the basic averaged
circuit model. However, as will be detailed in the next paragraph, three more equations are

required to develop the small signal model.

Average primary load current

(excluding magnetizing =M. q-gy-242.4 4.2.6)
current) N N o

. .. 5 T
Average input current ijp =ic2+d (—N iLpri) (4.2.7)

Average input current

[s, =] — . .l_[.‘_l_ / .
(alternate expression) lin=icy+=d)-( N Tilpr i) (4.2.8)

Equations (4.2.1) and (4.2.2) contain the term: Ly -1, /Ts. This terms is used to

describe the overlap time during which the output current is transferred from one
synchronous rectifier to the other. It was shown in Chapter 2 that this overlap time has the

effect of reducing the effective duty cycle and hence, reduces the effective voltage applied
to L1 and L2. The resulting voltage drop was calculated in Chapter 2 as Ly -1, / Ts . Since
this voltage drop is proportional to the output current, it can be modelled as a resistive

drop. The value of this “ overlap ” resistor is simply equal to Ry, =Ly /Ts.

Equations (4.2.1) to (4.2.5) enable us to build the basic averaged model which is
shown in Figure 4.2 below. For more convenience, we introduce from this point on the

inverse transformer turns ratio n, defined as n =1/ N .
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Figure 4.2 CHBC Basic Averaged Model

As can be seen from the above figure, switches S1 to S4 of Figure 4.1 have been
replaced by two transformers whose turns ratios are given by nxd and nXx(1-d)

respectively.

The two current sources GLM1 and GLM2 represent the primary magnetizing current
which is described by the first term of equations (4.2.4) and (4.2.3) respectively. From
inspection of the circuit of Figure 4.2, we can see that the two transformers, along with the
two current sources GLM1 and GLM2 satisfy the set of equations (4.2.1) to (4.2.4) and
(4.2.6) to (4.2.8).

On the other hand, the circuit composed of voltage source ELM, current sense
voltage source VSLM and primary inductance L, satisfies equation (4.2.5). The voltage

defined by ELM is impressed across inductance L,:. This voltage in turn creates a
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magnetizing current iz, which is then used to calculate the values of current sources GLM1

and GLM2.

In order to complete the model, all we need to do is to find a suitable representation

for the duty cycle. This is accomplished by the subcircuit PWM.

In the real converter, the duty cycle definition results from the comparison between
the error amplifier output (often called the control voltage v.) and the timing ramp. The
higher the control voltage, the higher the duty cycle. What we need to determine is the gain

between v. and 4.

The UC1823A Pulse Width Modulator being used in the breadboard has a ramp
amplitude equal t0: Viump= 1.8 V.

The timing capacitor of 1 nF and the timing resistor of 3.8 k€2, which were selected
for 400 kHz operation yield an oscillator charge time equal to: tg, = 2.3 ps. The discharge
time equals 0.2 ps. The switching period Ts is the sum of the charge and discharge times

and is equal to 2.5 ps.

Av. VY
The slope of the timing ramp is given by —< = _famp
At ty
But At =Ts-Ad
Hence, = fa - 2345 0.512
Av, Ts-V,, 25us-18

Referring to Figure 4.2, voltage source ED contained in the PWM subcircuit is equal

to v.x 0.512 and therefore, its output voltage represents the duty cycle.
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It can be seen that upon a large load or line transient, the duty cycle is dynamically
calculated in accordance with the variations of the error amplifier output XERAMP. No

small signal assumption is made in this model. It is therefore a large signal model.

However, since PSPICE always starts an AC simulation with a DC bias calculation
and a subsequent linearization around the calculated bias point, this model can also perform
small signal frequency analysis. Voltage source VEXC injects a small AC signal for the

purpose of loop frequency response computation.

In PSPICE simulations, the loop frequency response is obtained by displaying the
amplitude and phase of expression V(EX2) / V(EX1) .

In order to validate our model, two simulations were performed and then compared
against test results. The first simulation computes the control to output frequency response
(AC analysis). The second simulation simulates a step load change from 7.5A to 15A
(Transient analysis). The simulation results, along with the actual test results are shown in

Figure 4.3 to Figure 4.6.
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Figure 4.5 Simulated Response to a Step Figure 4.6

Load Change from 7.5A to 15A

Measured Response to a Step
Load Change from 7.5A to 15A

As can be seen from the above figures, excellent match exists between the simulations

and the test results.

Having now validated our large signal model, we can proceed and develop the small

signal model.
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4.3 The Small Signal Model

The small signal model is derived from the large signal model by introducing
perturbations in Equations (4.2.1) to (4.2.8) and subsequently linearizing these perturbed
equations [31to 34]. The linearization step consists in neglecting the products of
perturbations, thus leaving terms containing DC quantities only or DC quantities multiplied

by perturbations.

It should be pointed out that neglecting the products of perturbations can be done

only if the small signal assumption is satisfied, i.e. ¥ <<V .

The perturbation and linearization of (4.2.1) is carried out in the next lines.
b mn (Vo +9o) (I~D—dy— 2.1 +f
Vis + 053 =n- (Vg + V) ( ) Ts I, +1i,)

Neglecting the products of small signal perturbations yields the following hybrid

equation:
Ve + 95, =n-Vgy -(l—D)—i-IO +n-V,-(1-D)—n-V, -3—£’"——-fa
Ts Ts

The above equation is called hybrid because it contains DC terms as well as terms
containing perturbations. But if all perturbations are set to zero, the above hybrid equation

reduces to the purely DC equation:

Ves =”'Vc1'(1‘D)"’Il‘Ia
Ts

Hence, after subtracting the DC equation from the hybrid equation and recognizing

that V,, = D-V,,, we obtain the following linearized small signal equation:

A — A —— A.._[’Ik.o
Vg =n-V - A=-D)-n-D-V,-d -?;la (4.3.1)
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Applying the same procedure to equations (4.2.2) and (4.2.5) to (4.2.7) yields the

following set of equations:

654=n-oG-D—n-GCI-D+n-(l—D)-Vb.'5’—%'2 (4.3.2)
b, =Vo—95-D=V,-d (4.3.3)
f=n-iy-A-D)-n-iy,-D-n-I,.d (4.3.4)

iy =iy +n-(1=D)-1,-d+D-(n-ip; —ig,,) (4.3.5)

In the above equations, ¥, represents the input voltage at the output of the input

filter. At DC, we have of course Vg =V,.

Equations (4.3.1) to (4.3.5) enable us to build the small signal model which is

represented on Figure 4.7 below.

In Figure 4.7, the subcircuit PWM is the same as the one used in the large signal
model of Figure 4.2 with the following modifications: the offset voltages Vg and Vpin,
inherent to the actual pulse width modulator circuit and also the reference V.. have been set
to zero. This is consistent with the fact that in a small signal model the only relevant

quantities are small signal variations and not DC quantities.
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Comparison between Figure 4.2 and Figure 4.7 reveals that the small signal model

differs from the basic averaged model (large signal model ) in two respects:

The small signal model contains additional voltage and current sources whose values

are proportional to the small signal perturbations. As an example, the current source z:

represents the sum of all the terms of (4.3.5) on the right hand side of fcz.

Several voltage and current sources as well as the DC transformer turns ratios depend

on the steady state quantities I,, Vi» and D. This simply highlights the fact that any small

signal model is only valid for one specific bias point; therefore, any significant departure

from this bias point invalidates the results. As a corollary, any simulation using a small

signal model requires that the bias point be defined prior to the simulation (for example

through parameter statements in PSPICE).
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In order to validate the small signal model just developed, two AC simulations were
performed, one aimed at obtaining the control to output frequency response, the second one
aimed at obtaining the line rejection. The results of the simulations were then compared to
those obtained from the large signal model running under the same conditions. Both
frequency responses were found identical (in amplitude and phase) to the ones obtained

from the large signal model.

4.4 Derivation of the Main Transfer Functions
Having developed the small signal model, we wish to find an analytical expression for
the main transfer functions; these are

v o Y A
2= for v; =0 and 2 ford=0
Ve

The first expression above represents the duty cycle to output voltage transfer
function, which differs from the control to output transfer function by a factor of 0.512 as

mentioned earlier. This transfer function is needed in order to close the feedback loop with

appropriate gain and phase margins.

The second expression represents the input to output transfer function and is required

in order to determine the ability of the converter to reject input ripple.

As mentioned earlier, V; represents the input voltage small signal variation after the
input filter; it is therefore different from ¥, in that the converter stage has a loading effect

on the input filter. It has been shown in [33] that if the incremental input impedance of the
converter stage is made much larger than the input filter output impedance over the

dynamic frequency range of interest, then the loading effect of the converter stage on the

input filter is negligible and we can write ¥, =7V,,.
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As explained in [33], one essential condition to meet in order for the above criterion
to be satisfied is that the corner frequency of the input filter should never coincide with the
comer frequency of the output filter. This would make the value of the input filter output
impedance close to the value of the converter input impedance which in turn would defeat

the above criterion.

Another fundamental criterion that any converter must satisfy is its stability in
presence of an input filter. It is shown in [33] that from DC to a frequency which depends

on the converter and on the control method, the incremental input impedance of a converter

is negative and is equal to IV"" . If the output impedance of the unloaded input filter

in

exceeds the absolute value of this negative impedance, then the converter becomes unstable.

In our case, for a 50 W converter running at 87 % efficiency, Vi, = 100 V and I;, = 0.574 A.

This yields an incremental input impedance equal to ~174 €2.

We must therefore design the input filter such that its maximum unloaded input
impedance is well below the absolute value of this negative impedance. If, in addition, the
power stage is designed in such a way as to keep the resonant frequencies of the input filter
and of the output filter well apart from one another, then the loading effect of the converter

stage on the input filter can be considered negligible and therefore, ¥; =V, . The validity of

this assumption will be verified later.

4.4.1 Input Filter Design
As can be seen from Figure 4.2 and Figure 4.7, we have deliberately chosen to make

the input filter double stage, both stages consisting of identical elements (the series
combination of the second stage capacitors C1 and C2 is equal to first stage capacitor
C1A). This choice brings about the advantage of increased component commonality and

hence, of fewer parts in inventory.
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Figure 4.8 below shows the equivalent input filter with its two identical stages.

Z1(s) Z1(s)
L L
— Y Y Y
R, R
S 72(s) c == 72(s)

Tcd T C4

Figure 4.8 CHBC Double Stage Input Filter

Defining the series impedance of each stage as ZI(s) and the parallel impedance as

Z2(s), it is easy to demonstrate that the filter frequency response He(s) is given by

He(s) = 1

RO ZJ(S))Z

Z2(s) \Z2(s)

which can also be written as
1
He(s) = = 7
(1 + 2.618- m)(z . 0.382._i)) (4.4.1)

Z2(s) Z2(s)

It can be shown that if C; >> C, He(s) can be approximated as

2
I+ I s . s

1

He(s) = "
1+ I s + S\

(4.4.2)

where
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2.618-L
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For frequencies well above @, /2- 7, (4.4.2) reduces to

He(s) =

4
_L) (4.4.3)

where @ . : !
¢t T
JL-C
The attenuation provided by this double stage output filter is 80 dB/decade as

expected. The equivalent corner frequency . is exactly equal to 1/(00 -, .

The value of the filter capacitor C is determined by the maximum ripple current this
capacitor can handle at the switching frequency; a suitable value of the capacitor is usually
found by defining the maximum value of the ripple voltage across it. Since the analytical
expression of the current through the capacitor at the switching frequency is known, it is
then easy to calculate the capacitance value. From Appendix D, the maximum peak to peak
ripple voltage across each capacitor of the half bridge was fixed to 1 V. This yielded a
capacitor value of 0.96 UF. Since the capacitors of the half bridge are connected in series,

the equivalent filter capacitance is equal to one half of the value found above, or

C = 0.48 pF.

The value of the filtering inductor L is found by calculating the attenuation required at

the switching frequency. In Appendix D, the fundamental value of the unfiltered input
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current at the switching frequency (Fs = 400 kHz) was found equal to 1.038 A. From MIL-

STD-461, CE0Q3, the maximum current that can be injected into the input line at 400 kHz

equals 188 pA.

Therefore, the filter must provide an attenuation at 400 kHz calculated as

1.038A =5521
188uA
2:mFs 4
From (4.4.3) above, we have > =5521.
0]
c

Hence, @, := 291.6-10° rad/sec, and from the expression of a. given above, we
obtain
L =245 uH.

The values installed in the circuit are:

Filter inductor : L =24 puH
First stage filter capacitor : C =044 puF
Second stage filter capacitors (Half bridge capacitors) : Cl1,C2=0.84 uF

With the above component values, we obtain cormer frequenciesa,/(2-7) and

@, /(2-7) equal to 31 kHz and 79.25 kHz respectively.

All that remains to be calculated are the values of the damping resistor Ry and the

damping capacitor Cl.

From our previous discussion, the maximum unloaded output impedance of the input

filter must be much smaller than 174 ohms for stability.
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Referring to Figure 4.8, it is easy to show that the output impedance of the input filter

when the input is shorted is given by

1+ 0.5-2“)
Zs(s) = 2-ZI(s) 7 (5)
(1 + 2.618 (s))-(z - 0.382-21("))
Z2(s) Z2(s)

In the above expression, the numerator and the second factor of the denominator are
very similar; therefore, we can eliminate both terms. This will introduce a maximum error

equal to 0.5/ 0.382 = 1.31 or 2.3 dB, which is pretty negligible.
The output impedance expression reduces to

2-ZI(s)

I +2.61821) (4.4.4)
Z2(s)

Zs(s) =

Introducing again the assumption: C; >> C, it can be shown that Zs(s) can be

approximated as

2-L-
Zs(s) = s -
P LY (4.4.5)

The maximum value of the above impedance occurs at ® = wp and is given by

R 2-R
ZS max=2L-@yQp=2-L- : ’ : ©2 6];?.
6181-Cc 26181 * (4.4.6)
C
2.618
Choose Zs ,,,, = 10 Q; therefore, from (4.4.6), Ry:=Zs max—z_‘

R =13.09
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The value actually installed in the circuit is: R 4= 12 Q.

The damping capacitor C,is calculated such that the damping branch R, — C, becomes

resistive at a frequency equal to one fifth of wp.
o -6
This yields C 5 =2.14-10

The value actually installed in the circuit is Cy= 2.2 pF.

Figure 4.9 and Figure 4.10 show the simulated input filter frequency response and
output impedance respectively. As can be seen from Figure 4.9, the filter provides an
attenuation of 72.2 dB at 400 kHz, or an attenuation factor of 4087. This is slightly below
the target number of 5521 calculated above only because the components actually used in
the filter are slightly below the calculated values. The filter’s response decays at a rate of

80 dB per decade, as expected.
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Figure 4.9 Input Filter Frequency Response Figure 4.10  Input Filter Output Impedance

Referring to Figure 4.10, the maximum output impedance is equal to 20 dBQ or

10 Q, which confirms our earlier calculations. This maximum impedance occurs at
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26.3 kHz, close to wo/(2-7z) =31kHz calculated above, which confirms (4.4.5). The
output impedance exhibits a second peak at 83.2 kHz, close to @, /(2-7:) =79.25kHz
calculated above. This second peak frequency does not appear in (4.4.5) because of the
simplification introduced earlier. However, it can be seen that the error introduced is
negligible, as predicted. The maximum input filter output impedance is much lower than

174 Q which allows us to neglect the effect of the input filter in the subsequent calculations.

4.4.2 Main Transfer Functions
For more convenience, in all the subsequent developments, the input to output

~

. v - . .
transfer function: —24 for d =0 will be designated as F(s) and the control to output
Vg

. v A . .
transfer function: ﬁi for ¥, =0 will be designated as G(s).

The main transfer functions can easily be derived from the small signal model
developed earlier where, based on the above discussion, we have neglected the effects of

the input filter.

For the input to output transfer function, we obtain

2
I+ I s LS
QZ] wZ.I wZIZ
F(S) = n'D'(.I - D)' 2 2 'He(s) (4.4-7)
K 1 s s 1 s
P + + 1) . + 0 . + 1
Qp2 @5 ® 53 p3 Pp3

where He(s) is the transfer function of the input filter whose expression is given by

(4.4.2),
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1

Lpn--(LI + L2)-(CI + C2)

| APLppvLivL2

Q2 = (C1 + C2)'R goymp @

1

3 =
P LI-L2
1+ 12 Lou|Co
1

i L g
s Co®p3

1

@D .
D.-L1-Cl + (1 -D)-L2-C2

L
(P2 L pyi + L1 + 12)-D-(1 - D)

pri

CIl-C2

Qz1 = 2R damp' @ 2171 T 02

C, is the total output capacitance; referring to Figure 4.7, it is the sum of the first
stage and second stage capacitors Cr and Co. respectively.
L, is the second stage output inductor (usually much smaller than LI and L2).

Equation (4.4.7) reveals that F(s) has four pairs of poles. The first two pairs are
located at w,and @, ; these are the poles of the input filter transfer function He(s). The
third pair of poles is given by®,, . As can be seen from the expression of @,, and from

Figure 4.1 , this pair of poles represents the resonance frequency of the L-C tank composed

of the half bridge capacitors C1 and C2 and of the paralle]l combination of transformer
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magnetizing inductance L, on one hand and output inductors L1 and L2 connected in

series and reflected to the primary side on the other hand.

Q,, represents the quality coefficient of the L-C tank; if no deliberate damping is

provided (R,,,, =), its value is expected to be quite high.

The fourth and last pair of poles is given by @,; . Again, from the expression of @,

and from Figure 4.1, this pair of poles represents the resonance frequency of the output

filter where the two output inductors L1 and L2 are effectively connected in parallel.

Q,; represents the quality coefficient of the equivalent output filter; as shown by its

expression, some damping is provided by the “overlap resistance” Ly /Ts which is
effectively connected in series with the equivalent output

inductance: L1- L2/(LI +L2) + L,,,; .
From (4.4.7), F(s) also has a pair of zeroes given by @, .

Q.,1is the quality coefficient of the pair of zeroes; if no deliberate damping is provided

(Riamp =0°°), its value is expected to be quite high.
The DC value of F(s) equals n-D-(I—-D) and is exactly the steady state input to
output relationship, as expected.

For the control to output transfer function, we obtain

2

s 1 s
p + + 1
@, Cr @y
G(S) = n'(] - 2'D)'Vin' 2 5 (4.4.8)
s 1 K} s 1 s
. + 0 . + 1) p + 0 + 1
where @,,, @,;, @,, and Q,; are defined above and
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1

wzz =
(CI + C2)-L ppyg— (1-D)-Ll- D12
(n"-Lpn- + LI+ Lz)-(z - 2°D)
1
Q=
To (I - D)-L2 - D-LI

ri :
Vin P (n®L pyy + L1 + L2)-(1 - 2:D)

Referring to Chapter 3, the values of LI and L2 were chosen in order to satisfy the

relationship (I —D)-LI=D-L2. It was shown that this would provide cancellation of the
output current ripple. As a result, the pair of zeroes a@,, occurs at a very high frequency

and we can rewrite (4.4.8) as follows:

(1 -2-D)-V;
G(s) = . ke

2 2
s 1 S gl =S 1 S . (4.4.9)

+ +

(0} p2 (1)

p2 p3

This differs from the results obtained in [4] where the presence of only one output

inductor causes the pair of zeroes @, to be located at a frequency close to @,, .

It should be noted that if we make L1 equal to L2, then the values of the poles and

zeroes obtained from (4.4.7) and (4.4.8) are identical to those obtained in [4].

At DC, the above expression reduces to n-(I—2- D)-V;, , quite consistent with the
fact that the control loop gain of this topology at 50 % duty cycle reduces to zero.

With the original values of components, we obtain the following values for the corner

frequencies:

=202 _33 7Kz and f,, =—2-=29.4KH
.fpz_z.ﬂ_ . Z an f"3_2~7z— . z
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This confirms the peaking in the control to output frequency response occuring at
approximately 30 kHz as observed on Figure 4.3 and Figure 4.4. As can be seen on both

figures, the phase of the control to output response decreases well below —180 °, which

confirms the existence of a fourth order system.

It will be shown in the next paragraph that having corner frequencies f,> and f;; close

one to another is not a good choice.

4.5 Compensation Loop Design

As highlighted at the beginning of this chapter, the converter compensation and

hence, its loop gain is dictated by a specified set of performances for the converter.

This set of performances is defined as follows:
1. Load and Line regulation: +1 %

2. Maximum undershoot (overshoot) resulting from a step load change from half

load to full load: 5 % of nominal input voltage.

3. Maximum recovery time following a step load change from half load to full load:

200 pus
4. Maximum output ripple voltage resulting from input ripple: 10 mV pk

The first requirement is a steady state one and simply means that the compensation
must provide a very high loop gain at low frequencies in order to preclude any permanent

error.
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The second and third requirements involve the converter output impedance. If the
converter operates in open loop, the converter output impedance reduces to the impedance

of the output filter as seen from its output [33]. Its expression is given by

-L
Zo(s) := S e R

1+ CO'L effsz

(4.5.1)

where C, represents the total output capacitance; referring to Figure 4.7, this total
output capacitance is the sum of the first and second stage output capacitors Cr and Cu,

respectively.

L.s represents the effective output inductance; it has been shown in the previous

Ll-L2

eff = m + LOU[ s which

paragraph that this effective output inductance is given by L

highlights the fact that the two output inductors L/ and L2 are effectively connected in
parallel. It should be noted that the damping effect created by the “overlap resistance” has

been neglected.

The application of an output current abrupt change of amplitude Al to the output

L eff
filter will result in an output voltage oscillation whose amplitude is given by AV := Al J =
0
@ p3
and whose frequency is given by —~=, where wp3 has been defined above.
2

The specified step load change brings the output current from half load to full load.
Hence, we have: Al = 7.5 A.
The current values of the output filter components are

LI=13uH, L2 =3uH, C,=31.2uF and L,. =0.
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Using the above values, we obtain 4V equal to 1.28 V, and an oscillation half period
equal to 16.7 us; both these results are confimed by the simulated and measured

waveforms of Figure 4.5 and Figure 4.6 respectively.

From requirement # 2, the maximum allowed undershoot equals 5 % of the output
voltage or 0.165 V. Our calculated and measured A4V exceeds by much the maximum

allowed value, which in turn requires a proper compensation.

From classical control theory, we know that the converter closed loop output

impedance is given by

T+ T0s) (4.52)
where T(s) represents the loop frequency response.

We target a closed loop phase margin of 90 °. Therefore, it is desirable to have a loop
frequency response that, at least near the cross-over frequency (the frequency for which

[T ()| = 1), takes the form:

T(s) :=

v

(4.5.3)

In order to reduce our voltage undershoot 4V from 1.28 V down to 0.165 V, the loop

T(s) must provide a gain at s =@p3 approximately equal to 1.28/0.165=7.76.

From the above expression of 7(s), this means that the 0 dB loop cross-over

frequency must be equal to
w
fo=—E776 or £.=232 kHz
2-

The above situation is hopeless for two reasons:
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1. The required cross-over frequency is too close to the switching frequency and is

beyond the capabilities of any practical wide gain-bandwidth error amplifier.

2. The converter loop transfer function 7(s) is the product of the forward transfer
function G(s) whose expression is given in (4.4.9) and of the compensation
transfer function C(s). As shown in expression (4.4.9), G(s) is a fourth order
system whose poles f,; and f,3 were calculated earlier and were shown to both lie
around 30 kHz. This means that at f. = 232 kHz, G(s) has a phase lag of —360 °.
In order for the overall loop transfer function 7(s) to provide a phase margin of

90 °, the compensation transfer function C(s) would need to provide a phase

boost of 270 °© at 232 kHz, which is also impossible.

The above situation was described in [4] where the solution proposed by the authors
was to decrease f,z; from the expression of a}2 given above, this implies either making half
bridge capacitors C1 and C2 much larger or making the transformer magnetizing inductance

much larger, or both.

Half bridge capacitors C1 and C2 are located on the primary side; therefore, they are
rated at 100 V minimum and thus, increasing their value would be detrimental to the overall
converter size, mass and cost. Increasing the transformer magnetizing inductance is also
impractical since it was shown in Chapters 2 and 3 that it played an important role in
achieving ZVT. In addition, increasing the inductance also has the effect of increasing the
DC flux density in the transformer as was demonstrated in paragraph 3.4. Thus, increasing

the inductance might lead to transformer saturation.

The solution proposed here is rather to decrease f,3, by substantially increasing the

output capacitance. This solution was found realistic and economical for two reasons:

1. In typical digital applications requiring a 3.3 V converter delivering 50 W, the

load capacitance can be as high as 300 uF. Since the converter must
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accommodate a wide range of load capacitances, it is logical to increase its

intrinsic output capacitance to 300 uF, in order to match the maximum load

capacitance.

2. The output capacitors only have to support 3.3 V, and therefore, are low voltage
capacitors. Therefore, increasing their value is economical, both from a cost and

size point of view.

The output capacitance was increased to 612 uF (9 x 68 uF), which includes 300 uF
of load capacitance. Only the second stage filter capacitance C,. was increased; the first

stage filter capacitance Cr was left unchanged at 1.2 uF, in accordance with the

recommendations of [35].

The second stage filter inductance L,,, was made equal to 100 nH.
It was mentioned earlier that the pair of poles occurring at a}; were poorly damped.

It is therefore desirable to remedy to this situation, otherwise the peaking in G(s) gain

occurring at a}2 could compromise stability.

The input filter second stage damping network was split as shown in Figure 4.11 and

the mid point created was connected to the C1, C2 capacitive divider mid point.

Assuming that the effective damping capacitance is much larger than C1 + C2, the
effective damping resistance of the primary L - C tank is now equal to the two resistances

R,/ 2 in parallel, hence,

Rg
R = —
damp =
The value of R; was calculated in paragraph 4.4.1; we had obtained: Ry = 12 Q.

Hence, Raomp =3 Q.
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From the expression of O, defined above with Rum, = 3 , we obtain

Op> = 1.068, which is quite acceptable.

As will be shown later, this reduction in peaking at f = f,> is also beneficial to the line

rejection.
Rci
2
—~ C1
2xC,
F‘d
2
-~ C2

L

With the new value of C,.,, the amplitude of the open loop output voltage undershoot

Figure 4.11 Modified Second Stage Input Filter

under a step load change of 7.5 A becomes

L
eff or AV = 0304V
o

4v = Al-

The oscillation frequency f3; is now equal to

1
fp3 - _— or f:p_g = 6.4 kHz
2-m ’L eﬁ-CO

The output voltage undershoot still requires an attenuation whose value is equal to
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0.304/0.165 = 1.842

The desired attenuation must occur at the oscillation frequency f,; whose value is now

much lower than before.

From the closed loop output impedance whose expression is given in (4.5.2), we can

write the closed loop output voltage undershoot upon a step load change Al

av
a4V _; = ——
Hence,
a4v
cl
= i =1. 4
- |7+ T(jo,3)|=1.842 (4.5.5)
4
CUP3 = 2'7Z"fp3 wp3 =4.024-10

Let’s introduce the expression (4.5.3) of 7{(s) into (4.5.5); we obtain

1+ A

=]+

|1+ T(jop3)|= )2=1.842 (4.5.6)

jo p3 @ p3
Solving the above equation for A yields A = 62248
From expression (4.5.3) of T(s) again, and with the value of A calculated above, we
can now calculate the the desired loop cross-over frequency:

A
fo=— fc=9907.8 Hz
2

The loop frequency response 7(s) is the product of the control to output frequency

response G(s) and of the compensation C(s).
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At f = f. = 10 kHz, the phase of G(s) is approaching —180 degrees because f; > f,3;
therefore, in order to obtain a phase margin of 90 degrees, C(s) must provide a phase boost
of 90 degrees at 10 kHz. This means that C(s) must ideally have a slope of 20 dB / decade
at f= 10 kHz.

The small signal model was simulated after the modifications described earlier were
implemented. Figure 4.12 shows the resulting control to output frequency response, along

with the desired compensation asymptotic plot.

As can be seen from the figure, G(s) has a gain of 5.7 B at 10 kHz. Therefore, in
order for the loop cross-over to occur at 10 kHz, the compensation C(s) must have a gain

of —=5.7 dB at 10 kHz.

This is achieved by placing a pole of C(s) at exactly 10 kHz and providing a plateau
gain of -2.7 dB. The gain of C(s) at 10 kHz is then 3 dB below the plateau gain or 5.7 dB.

The asymptotic diagram of C(s) shows that it will provide a phase boost of 45 degrees
at 10 kHz. Since the phase of G(s) at the same frequency equals —133 degrees, the overall
loop T(s) will have a phase margin of 90 degrees at 10 kHz.
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Figure 412 Control to Output Response with Required Compensation

The actual implementation of the compensation described above is shown in Figure

4.13.

The transfer function of the compensation is given by (the effect of capacitor C2 has
been neglected)
1 (I +sRI-Cl)-(1 + s-R3-C3)

RI + R2

C(s)

At low frequencies, C(s) is an integrator whose transfer function reduces to

1
s-(RI + R2)-C3’
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At high frequencies, C(s) reduces to %; from the values of R3 and R2 shown on

Figure 4.13, the high frequency gain equals 0.75 or -2.5 dB, close to the target value of ~
2.7 dB.

It can be seen from (4.5.7) that C(s) has a pair of zeroes at

! - ! = 3 kHz, and a pole at ! = /0 kHz, as per our
2-mRI-Cl 2-mR3-C3 ;. RI'R2
2-mCl———
Rl + R2

asymptotic diagram of Figure 4.12.

c2
i
i
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ﬁa R3
] l W\/ R1
6.8nF 7.5K —AAA—
23.8K R2 Vv
- AVAAY,
C1 10K out
v, -
2.2nF
+
ERROR
AMPLIFIER
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Figure 413 Compensation Schematic

It should be noted that the output of the error amplifier is the control voltage, which,

when compared to the timing ramp, defines the duty cycle.
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With the above compensation implemented, the loop frequency response was
simulated using the small signal model and measured on the actual prototype. The results

are shown on Figure 4.14.

As can be seen from the figure, the match between the simulation and the

measurement is excellent.

The loop has a cross-over frequency of 10 kHz as expected, with a phase margin of

approximately 50 degrees and a gain margin of 14 dB.
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Figure 4.14  Simulated and Measured Loop Frequency Response

With the above compensation, the converter was submitted to a step load change

from7.5 Ato 15 A.

The step load change was simulated using the large signal model and measured on the
actual prototype. For the simulation, the large signal model was preferred over the small

signal model because of the large amplitude of the transient involved.

The simulated and measured results are shown on Figure 4.15 and Figure 4.16

respectively.
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3.5V

33v

3.1v4

Again, the match between the simulation and the measurement is excellent.

The amplitude of the output voltage transient was found equal to 0.2 V, slightly

above our target value of 0.165 V.

This is due to the fact that our loop transfer function 7(s) was not exactly
implemented as in (4.5.3); in particular, the phase margin is 50 degrees, rather than the
targeted 90 degrees. This will cause the transient voltage amplitude to be slightly different

from the value predicted by equations (4.5.5) and (4.5.6).
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Figure 4.15  Simulated Step Load Change Figure 4.16  Measured Step Load Change
Transient Transient

Requirement # 4 of the converter performance specifies a maximum output voltage

ripple caused by the input voltage ripple equal to 10 mV peak.

On a 100 V input bus, the maximum input voltage ripple is specified at 1 V peak.

This means that the converter must provide an input to output rejection of 100 (or

40 dB).
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From classical control theory, we know that the closed loop input to output rejection
is given by

F(s)

Fal)=rr5 (4.5.8)

where F(s) is the open loop input to output rejection defined in (4.4.7) and 7(s) is the

loop gain.

The input to output rejection was simulated using the small signal model and

measured on the prototype. The result is shown on Figure 4.17.

As can be seen from the figure, a slight difference (3 dB maximum) occurs between
the simulation and the actual measurement in the frequency range from 2 kHz to 20 kHz.
This is probably due to the differences between the output filter capacitors equivalent series

resistances (ESRs) used in the simulation and the actual ones.

Those differences cause the damping coefficients associated with the capacitors to be

different and therefore, the peaking occurring at the poles of F.(s) are different.

The worst case measured rejection occurs at 10 kHz and is equal to —30 dB, which

does not meet our specification of 40 dB.

It should ‘be noted that the frequency at which the peaking in the input to output
rejection occurs is precisely the loop cross-over frequency. This is an indication that F(s)
exhibits a pair of poles at 10 kHz, corresponding to the zeroes of 1 + T(s) as suggested by

its expression defined in (4.5.8).

This is consistent with the phase margin (at 10 kHz) of 50 degrees; a higher phase

margin would have provided a lower peaking and therefore a better attenuation.
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Figure 4.17  Simulated and Measured Input to Output Rejection

In order to improve the line rejection, feedforward compensation was implemented;
this consists in superimposing a suitable fraction of the input voltage onto the PWM timing
ramp. In theory, this should null the input to output transfer function as demonstrated

below.

The small signal output voltage can be written as
D, = F(s5) ¥, +G(s)-d (4.5.9)

Where F(s) and G(s) are given by (4.4.7) and (4.4.9) respectively.

Without feedforward compensation, the small signal duty cycle d is equal to

0.512-¥, as shown earlier, where 7, is the small signal error amplifier output.

Superimposing a fraction K of the input voltage onto the timing ramp results in the

following relationship for the duty cycle:
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d=0512(3,-K-9,) (4.5.10)

The objective of feedforward consists in finding a value of K which reduces to zero

the contribution of ¥,, in (4.5.9).
From (4.4.7) and (4.4.9), F(s) and G(s) have the same denominator.
If we rewrite (4.5.9) by considering only the DC gains of F(s) and G(s), we obtain
v,=n-(1-2D)-V,-0512(v,—K-V,)+n-D-(1-D)- ¥, (4.5.11)
In the above equation, the ¥,, terms cancel out if we choose

___D.(-D)
0.512(1-2D)-V, (4.5.12)

This cancellation is valid at low frequencies. At higher frequencies, the different

numerators of F(s) and G(s) will cause some V,, contribution to be present.

The above feedforward scheme was implemented with the injection factor K having
the value calculated in (4.5.12). Figure 4.18 shows the resulting measured Input to Output

rejection.

As can be seen from Figure 4.18, the worst case rejection is equal to 39 dB. This

translates into an output voltage ripple of 11 mV peak (¥, = 1 V), which is acceptable.
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Figure 4.18  Measured Input to Output Rejection with Feedforward

4.6 Conclusions
Dynamic modelling of the CHBC was carried out in the following sequence :
1. Development of a state space averaged large signal model.
2. Development of a small signal model.

3. Based on the small signal model, obtain analytical expressions for both the control

to output and input to output transfer functions.

4. Based on above transfer functions, develop a compensation circuit such that when
the feedback loop is closed, the converter satisfies a given set of performance
criteria when subjected to load transients (step load changes) and to input voltage

ripple.

Each step of the above sequence was validated by test before going to the next step.
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Excellent correlation was obtained between simulation and test. The expressions of
control to output and input to output transfer functions confirm the existence of the double
pair of complex poles as outlined in [4]: one pair of complex poles is due to the output
filter, the second one is due to the input tank which consists of the half bridge capacitive
divider and the transformer magnetizing inductance. The existence of this double pair of
poles makes the compensation more difficult to achieve than in a conventional converter

having only one pair of poles due to the output filter.

In order to meet the converter dynamic performance specifications while guaranteeing
stability, it was found that the two pairs of poles had to be widely separated ; this could only
be achieved by substantially increasing the output capacitance. In addition, the pair of poles
due to the primary capacitive divider and the transformer magnetizing inductance had to be
properly damped. This was easily achieved by splitting the input filter second stage damping
network into two identical halves and connecting the resulting midpoint to the capacitive
divider midpoint.

With the above modifications, a compensation network was designed which, under a
step load condition from half load to full load (7.5A to 15A) and vice-versa, yielded a

maximum output voltage undershoot (overshoot) equal to 5% of the nominal value (3.3V).

The compensation scheme however failed to yield a residual output ripple equal to or
less than 10mV peak when an AC perturbation of 1V peak was superimposed onto the DC
input voltage. A feedforward compensation scheme was added to the feedback loop which

resulted in a worst case output voltage ripple of 11mV peak, which was found acceptable.

148



Chapter 5
Summary and Conclusions

5.1 Summary

The work performed in this thesis consisted in three main parts contained in Chapters
2, 3 and 4 respectively. Chapter 2 is devoted to a comparative study of several conversion
topologies ; Chapter 3 describes the design and construction of a working prototype based

on the CHBC topology. Finally, Chapter 4 covers the dynamic modelling of the converter.

1. Comparative Study of Several Topologies

Three power conversion topologies were studied and compared in terms of their
conduction losses. These topologies are: the ZVS Forward Converter, the ZVS
Complementary Half-Bridge Converter (CHBC), and the ZVS Flyback Converter. The
objective of the comparison was to determine which topology would deliver an output
power of 50 W at an output voltage of 3.3 V and an input voltage of 100 V with the highest

efficiency.

All three topologies are derived from conventional PWM topologies and are modified
to achieve a soft Zero Voltage Transition (ZVT). A precise mathematical model which
includes MOSFET non-linear parasitic capacitances was developed in order to accurately

predict the amount of primary magnetizing current required for ZVT to occur. This
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mathematical model also performs an accurate calculation of the switching times. It was
shown in Chapter 2 that due to the non-linear nature of the Drain to Gate and Drain to
Source MOSFET capacitances, the peak voltages reached during a soft transition and the
transition times could be determined only by calculating the energies at the beginning and at

the end of the transition.

2. Design of a ZVT Complementary Half Bridge Converter

Chapter 3 describes the design and the prototyping of a CHBC delivering 50 W at
3.3V, from a 100 V input. The breadboard design is based on the circuit parameter values
calculated in Chapter 2 which will exactly yield ZVT on the primary side. The design uses a
low profile power transformer which consists of a printed circuit board containing the

windings, sandwiched between two ferrite core halves.

The design features a delay generator which introduces delays between the turn-off of
one primary MOSFET and the turn-on of its complement. These delays are essential to the

correct implementation of ZVT on the primary side.

In an effort to determine the converter optimal operating conditions, a mathematical
model which calculates efficiency for different switching frequencies and different primary

magnetizing inductance values was developed.

As a second phase of the optimization effort, a mathematical model which calculates
the size of the power magnetics and capacitors as a function of the switching frequency has
been developed. Fixed constraints in accordance with the efficiency and input/output ripple

requirements are imposed to the model for any switching frequency.

3. CHBC Dynamic modelling

Dynamic modelling of the CHBC was carried out in the following sequence:

5. Development of a state space averaged large signal model.
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6. Development of a small signal model obtained by performing a perturbation and

linearization of the basic state space averaged (large signal model) equations.

7. Based on the small signal model developed in the previous step, obtain analytical

expressions for both the control to output and input to output transfer functions.

8. Based on above transfer functions, develop a compensation circuit such that when
the feedback loop is closed, the converter satisfies a given set of performance
criteria when subjected to load transients (step load changes) and to input voltage

ripple.

Each step of the above sequence was validated by test before going to the next step.

5.2 Conclusions

1. Comparative Study of Several Topologies
The accuracy of both the magnetizing current required for ZVT and of the switching
times as predicted by the mathematical model was confirmed by the simulations and by the

measurements on the real prototype.

It has been shown that under the same operating conditions the Forward Converter
and the CHBC had comparable conduction losses whereas the Flyback Converter had

significantly higher conduction losses.

The CHBC was preferred over the Forward Converter because the Drain-to-Source
voltage of the primary MOSFETs is inherently clamped to the input voltage even under
transient conditions. Since the maximum input voltage equals 110 V, 200 V MOSFETSs can
be used. These MOSFET have a low Rds,, and are supplied by several power MOSFETSs

manufacturers.
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By contrast, the Forward Converter requires 400 V devices because the maximum Vps
across the primary MOSFETs was found equal to 260 V, and this value does not include
transient conditions. At this moment, 400 V MOSFETs are only supplied by International
Rectifier, and are not offered in surface mount packages. In addition, the higher Vps than in

a CHBC causes longer transition times which limit the frequency of operation.

2. Design of a ZVT Complementary Half Bridge Converter
The waveforms recorded on the breadboard are shown to be in excellent agreement
with the predictions of Chapter 2. Moreover, the waveforms confirm the crucial role played

by the leakage inductance during ZVT on the primary side.

The measured efficiencies are shown to be in excellent agreement with the calculated
ones, using the mathematical model. Both the calculations and the experimental results
show that the addition of one MOSFET in the secondary synchronous rectifier branch
which conducts during (1-D) X Ts yields an efficiency increase of more than 1% at
400 kHz. With two parallel MOSFETs in the (1-D) branch, typical efficiencies of 87% have

been measured.

The mathematical model which calculates the size of the power stage as a function of
the switching frequency with a fixed set of constraints reveals that the size of the converter
decreases rapidly from 100 kHz to 200 kHz and then slowly decreases until it reaches a
minimum at 400 kHz. Based on this small size decrease beyond 200 kHz and on the
efficiency figures obtained before, it can be seen that there is little incentive to increase the

switching frequency beyond 300 kHz.

3. CHBC Dynamic Modelling
Excellent correlation was obtained between simulation and test. The expressions of
control to output and input to output transfer functions confirm the existence of the double

pair of complex poles as outlined in [4]: one pair of complex poles is due to the output
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filter, the second one is due to the input tank which consists of the half bridge capacitive
divider and the transformer magnetizing inductance. The existence of this double pair of
poles makes the compensation more difficult to achieve than in a conventional converter

having only one pair of poles due to the output filter.

Current mode control would eliminate one pole of the output filter; however, the
classical implementation of peak current mode control which is achieved by sensing the
current in the transformer primary is impractical in this application because the primary
magnetizing current creates a primary current slope much larger than that of the reflected

secondary current.

5.3 Suggestions for Future Work
There are two areas which deserve further investigation.

1. Reverse Recovery Characterization of the Synchronous Rectifier MOSFETSs
Antiparallel Diode

It has been shown in Chapters 2 and 3 that the transformer leakage inductance plays a
crucial role in the ZVT phenomena. The higher the leakage inductance, the less primary
magnetizing current is required to perform a full ZVT; therefore, the primary conduction
losses decrease. However, a higher leakage inductance also causes the overlap times in the
secondary synchronous rectifiers to increase; this in turn causes higher secondary
conduction losses because during the overlap times, only the antiparallel diodes of the
synchronous rectifiers conduct, not the MOSFETs themselves. Another loss mechanism
which strongly depends on the leakage inductance is the reverse recovery of the
synchronous rectifier antiparallel diodes. The higher the leakage inductance, the lower the
peak reverse recovery current; in theory, this would cause a decrease of the reverse

recovery losses.
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Based on the above considerations, we conclude that there exists an optimum value of
the leakage inductance for which the sum of all the losses which depend on this leakage
inductance is minimum. However, this optimum value cannot be determined unless a
suitable model which describes the secondary MOSFETs antiparallel diodes reverse
recovery charge and peak current as a function of the forward current and of the dl/dt
becomes available. This model does not yet exist for the synchronous rectifier MOSFETSs
used in this project because these are still in a developmental phase. In this thesis, the value
of peak reverse recovery current used for the purpose of losses calculations was taken equal
to one half of the main forward current (determined empirically). It is strongly suggested
that these MOSFETs be characterized for reverse recovery in order to build a more precise

model, which would then lead to an optimum value of the leakage inductance.

2. High Frequency Proximity Effect in Transformer Windings

As explained in Chapters 2 and 3, the CHBC belongs to a family of ZVS topologies
which require a significant amount of primary magnetizing current in order to guarantee
ZVT on the primary side; this magnetizing current is not reflected on the secondary winding
of the transformer and therefore, the magnetic field outside the transformer windings is non
zero; this causes the existence of a magnetic field component perpendicular to the winding
layers. As a result, the proximity effect in the windings cannot be computed using the
classical theory formulation described for example in [30] because the fundamental
assumption supporting this theory, i.e. the magnetic field must everywhere be parallel to the
winding layers is invalidated. As explained in Chapter 3, the primary AC resistance of the
PCB transformer used in the prototype was characterized for different frequencies under
two conditions: secondary winding open and shorted. This exercise resulted in two
characterization curves which were then used to calculate the high frequency losses due to
magnetizing current and load current respectively. This empirical method is only valid for

one geometry. The only method leading to an accurate prediction of the proximity effect for
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all geometries is to perform a Finite Element Analysis using software packages such as
Ansoft’s Maxwell 3D Field Simulator [25]. This precise analysis would then yield frequency

dependent correction curves for all geometries. The author strongly encourages future work

in this area.
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Appendix A

26
R

A Comparative Study of Three Topologies in
Terms of Conduction Losses



A COMPARISON OF CONDUCTION LOSSES BETWEEN THREE TOPOLOGIES :

- THE SOFT SWITCHING ACFCSR
- THE CONTINUOUS ZVT FLYBACK
- THE COMPLEMENTARY HB WITH HIGH MAGNETIZING CURRENT

Rds 360 =0.2:1.7 Rds 360 =0.34 Vout = 3.3 Vin mi
= -3 - <
Rds 053 °° 0.007-1.3 Rds 053 =9.1-10 Pout := 49.5 Vin =
_ _ A= -6
Rds 250 = 0.1-1.6 Rds 250—0.16 Ts:=25-10 Vinm
R_sec = 0.004 R_pri(N) := (R_sec - 0.003)-N>
Pout
0 ® Vou [,=15 Von:= [ 'Rds 53 Von =0.137

1) SOFT SWITCHING ACFCSR

Constraint : VDS max = 300V ; this will occur when Vin = Vingi, = 90V.

Vin _:
mn
Dmax =1~ 300 D max =07
: L lk-1
v -
We know that:  Vout + Von=D— - ° Take: L_lk =33-10°
N Ts
D Vin _: [
N = Max __ mn N =17.334 N =17 20882
L k1, N
Vout + Von +
s
/ L kI,
N~\Vout + Von +
S
D .= D =0.687
max - max
Vin min
Lkl
N-{Vout + Von + ~
D = : S D =0.618
Vin
[ L_lkIg
N-\Vout + Von +
S
VS max T 575 Vds . =287.097
max’\ max)
Lkl
N:{Vout + Von +
S
Vds i= Vds =261.688 Ve = Vin-
nom D'(l _ D) nom 1 - D

A-2

in =90

100
ax = 110

Ve =161.688



Calculate Ineg pk to guarantee ZVT

The current lneg_pk Must discharge the equivalent primary side capacitance from Vin+Vc to zero.

Therefore, we need to calculate the minimum current and primary inductance required to guarantee ZVS.

Zero voltage transition occurs in two steps :

1) Discharge of secondary parasitic capacitances from V¢/N to zero

2) Transfer of secondary current from one synchronous rectifier to the other ; At the end of this stage, either the
voltage across the switching MOSFET equals zero in which case the voltage transition is over or the primary
current reduces to zero in which case some residual charge is still present across the primary parasitic
capacitance ;

IRHM7360 DATA

Cds0 := 3.54-10°° Cgd0 = 12-10°° A=2 Qgd = 120-10°° C 5o = 0.25:10°°
d
Coss(V) = —=950_ Ced0 4y Ced(V) = 5890 (A.2)
v ArV A+V
l+—
408
FSYC053 DATA
Ciss o = 131077
-9 -9
223.15-10 14.2-10
Coss goo(V) = —222 - (A3)
(8.074 + V)59 v
I +—
0.8
Ve
r | N "
. Coss oo (V) dV (A.4) Coss opp = 1.036-10

Coss OFF = <Vc)

The leakage inductance as seen from the primary side equals :

L_tk = 33-10 %-N2 L_lk =9.537-10°°

We need to implement a capacitive divider such that the total voltage excursion on the gate of the MOSFET is 10V

c C biasCiss oN

iss - 10 —_—

Cjns = =N, c . CbiasCisson
Vin + V¢ sec 9 0
— -0 N2

Calculate total secondary side capacitance and resistance: R damp = 0 Mg, =125
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Ciss ON + Coss OFF

-11
Cec: > (A.5) C gec =8.085-10
N
. 2 2
(025 +R dam )'CISS ON t 0.25:-Coss OFF
. P 2 =
R gec = = S N (A.6) R goc =36.585
(Ciss g + Coss OFF)
. / VeM oy Vin + Vc
C pl’i = W' COSS(V) dv + . COSS(V) dv | +C tfo (A7)
ov \ 0 Vin + Ve - Ve-M g,
-9
C pri = 1.311-10
_ 1
O = Q=Rl _ L_lk ml‘“)o'l'—’l“g
sec | C pn"c sec 4-Q
C pri * C sec
I (1 t)' In—pk.c see 1 exp/ R sec t sin(m 1 cos(o) t) (A.8)
Lo pet) =g e TR L | T e |
pri sec \ — 4-Q2 -1
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t1:= 1077

GIVEN

V csec] n_pk+t!) ¥ R gec’l L_ik(! n_pkt1)=0

Answer(I n_pk) := Find(t1)
o
k:=0..30 I neg_pkk = E + k-0.05
tlk = Answer([ neg_pkk>
[Lmk = Ineg_pkk - IL_lk(I neg_pkk'tlk> Vig=Vv Cpri(Ineg_pkk’tlk> * Ve

\/2k = Vin + Ve



We now calculate the current through L_lk at the end of the voltage transition, assuming that the transition takes
place in 2 steps ; for this first calculation we assign to V2 a value equal to Vin + Vc. If the current value is less
than [o/N, the assumption is validated. If not, we must redo the calculation by assigning a current value through
L_lk equal to lo/N and calculating V2.

V2k Vin + V¢ - V2k V2k
Xk = Coss(V)-VdV + Coss(V)-V dV - Ve- Coss(V)dVv ...
Vlk Vin+Vc-Vlk Vlk
Vin + Ve - V2k
1 2 2 .
+5C tfo-[ (V2 - V&) - (VI - Ve) } - Vin Coss(V) dV

Vin + Ve - Vlk

We now need to find the roots of the following polynomial :

L= if] (1 \2 2-X"<01 I P
kT L‘“k) L1k Lme Lm ™ R Lmk) L_Ik

. 12 - . . =
L_lk-(1,) Lkl I + X, =0

N —

W:=10
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Choose Ineg_pk equal to the value required to make a full ZVT transition in 200 nanoseconds : therefore :

Ineg_pk =21

a) Calculate the peak positive transformer current :

Io

ka:Ineg_pk*F ka=2.982

b) Calculate the RMS value of the primary current :

In the forward converter, the primary current is the superposition of a triangular wave whose peak to peak amplitude
I
and a rectangular wave whose amplitude equals _ﬁo_ during D x Ts seconds and zero for the rest

equals 2 x lnngk

of the period. Therefore,

2
Lpri_RMs = [~~~ 3(Ineg_pk) Upri_RMs = 1397



c¢) Calculate the losses occurring on the primary side of the converter :

With the exception of the transition periods (which are considered negligible with respect to the switching period),
the primary current always flows through the transformer primary winding and through one of the primary Mosfets.
Therefore, the total primary resistance consists of the transformer primary winding resistance in series with one
primary Mosfet RDSqpn

5
P__: = (R_pri(N) + Rds ) g - =
primary ( 360) pri_RMS P primary = 1:227  Watt

d) Calculate the losses in the transformer secondary winding :

The secondary current flows through the secondary winding only during D x Ts ; ttherefore :

2
P = R_sec'l D
sec — o P cec =0.556 Watt

e) Calculate the losses in the secondary synchronous rectifiers :

With the exception of the transition periods (which are considered negligible with respect to the switching period),
the secondary current always flows through one of the secondary synchronous recitifier Mosfets. Therefore :

2
P SR = Rds 053‘1 ) P SR =2.048 Watt

f) Calculate total conduction losses :

P Pt =3831 Watt

P ot = P primary * P sec * P SR

Calculate primary magnetizing inductance needed to achive the required value of Ineg pk :

~ Vin _ 1nS
Lpn'--EjI—-DTS Lpn—'3678 10
neg_pk
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2) SOFT SWITCHING COMPLEMENTARY HALF BRIDGE

Choice of D = 50% when Vin = Ving, = 90V

- . -9
D = 0.5 L_lk:= 3310
2-D max'(1 -D max)'wrl min
N := N =12.381 N:=12
LIk,

Vout + Von +
S

Calculate D for Vin = 100V

D =0.1

GIVEN

Vout + Vone 2.2-(1 = D)-Vin _ LIk,
N Ts

D = Find(D) D =0.321

Calculate Dy for Vin = Vingax = 120V

D min = 0.1

GIVEN

Vout + Von.—.z'D mi“'(l -D min)'Vin max _ L_lkI
N Ts

D min = Find(D min) D min =0.273

Calculate I, to guarantee ZVT in 200 nanoseconds

The current Imjy must discharge the equivalent primary side capacitance from Vin to zero in 200

nanoseconds. Therefore, we need to calculate the minimum current and primary inductance required to guarantee
ZVS in 200 nanoseconds maximum.

Zero voltage transition occurs in either two or three steps :

1) Discharge of parasitic capacitances from Vin to (1-D) x Vin.

2) Transfer of lo/N from primary to secondary ; At the end of this stage, the voltage across the switching MOSFET
either equals zero in which case the voltage transition is over ; or is still above zero, in which case a third discharge

step is needed.
3) Discharge of parasitic capacitances from residual positive voltage to zero.
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IRHM7250 DATA

Cds0 = 3.311-10°° Cgd0 = 9.186:10°° A =221 v = 1.107 C i = 250-10°12

CgdO
Cds0 g Ced(V) = Cgd0

.
’1 v (A+V)Y (A + V)
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The leakage inductance as seen from the primary side equals :

Coss(V) :=

2
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\2

We need to implement a capacitive divider such that the total voltage excursion on the gate of the MOSFET is 10V
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2-Vin-D
N

. 1
COSS OFF * 7 Vin D

N

Coss goo(V) &V  Coss gpp =1276:10°

Ciss + Coss ) FF -
oN oF C oo =7-154:10'°

C =
sec
N_ 2
2
(025 + R .Ci 2,+025cC 2 \2
W + damp) 1SS ON T U 0SS OFF N\~
R = = R =45
sec ) 2 2 sec
(CISS on + Coss OFF)
| /J‘Vin'D'MOV 100
C iz ———i Coss(V) dV + Coss(V)dV | +C
1 . th
P V""D'Mov\ 0 100 - Vin-D-M o,

_ -9
C pri = 1.747-10



n_pk'C sec

pri 7 ™ sec

t1 =107
GIVEN
v Csec(I n__pk*“) +Rgec'l L__lk(I n_pk’t]>=‘0
Answer(l n_pk) .= Find(tl)

lo
k.=0.30 neg_pk, = 23 + kr0.050
tl = Answer(I neg_pkk>

I Lm, = lneg_pkk - IL_Ik<[ neg_pkk’“k>

Vi =V cpn'<‘ neg_pkk,tlk)

+ Vin-D V2k = Vin

=0y l- —
4-Q°
~coslw ;-
FCOS{® | t)
‘t..
cos(m 1 t) ' In_pk
Y C pri + Csec
2 R
sec / 2-Q° -1 sec
“t)- o q-t)+ -exp|- .
1k )cos\ 1Y) > P2k
4.Q° -1



We now calculate the current through L_lk at the end of the voitage transition, assuming that the transition takes
place in 2 steps ; for this first calculation we assign to V2 a value equal to Vin. If the current value is less than

2 x lo/N, the assumption is validated. If not, we must redo the calculation by assigning a current value through L_lk
equal to 2 x 1o/N and calculating V2.

v2, Vin - V2, V2,
Xk = Coss(V)VdV + Coss(V)-V dV - D-Vin- Coss(V) dV ...
2% Vin - VI, i,
Vin - V2,
1 . - 12 .
+=C tfo-[(vzk - D~Vm)2 - (V1 - D-Vin) ] - (1-D)Vin: Coss(V) dV
2 :
Vin - VI

We now need to find the roots of the following polynomial : -L_lk-(lk)2 - L_lkI Lmk'lk + X, =0

N[ —

X X
. 2 k 2 k
I = if] {1 B SIS0, SIS SR 1) .S
k 'r{( Lmk) Lk LmgiLmy j( Lmk) L1k

W =10
GIVEN
1 w Vin - W w
—--L._lk-(x)2 - L lkyx+ J Coss(V)-V dV + J Coss(V)-V dv - D-Vin-J Coss(V) dV ...=0
2 U Vin - U U
1 Vin - W
+2-C g (W = D-Vin)? - (U - D-Vin)?] - (1 - D)-Vin- Coss(V) dvV
z Vin-U
Ans(U,W,x,y) := Find(W)
V2, = Ans(VIk,VZk,Ik,ILmk)
\"4 Vin-V \"
F(U,V):= J Coss(x)-x dx + J Coss(x)-x dx - D-Vin-J Coss(x) dx ...
U Vin - U U
1 Vin -V
+2:C 1oL (V - DVin)? = (U - D-Vin)?] - (1 - D)-Vin-J Coss(x) dx
2 Vin - U
V2, - 0.5 ’
Coss(V) + Coss(Vin - V) + C 5
t2k = dav
/ , 2F(VL,V)
1 2_ N </
\ L"‘k> L_lk
Vlk



8.5°10

3.8

F -~~~

3.6

34

32

2.8

2.6

810

751078

65103

t+ t.Zk 7.10-8

6108

]
5.5°10 24

I neg_pky

3.8

3.6

34

3.2

2.8

26

100

95

V2k 90

85

80,3

I neg_pKy
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Choose Ineg_pk equal to the minimum value required to perform full ZVT, i.e. : Ineg_pk =3.5

a) Calculate the peak to peak value of the transformer magnetizing current :

4-D-1,
neg pk~ T

Al = 2-] Al =35.393

b) Calculate the RMS value of the primary current :

In the complementary half bridge converter, the primary current is the superposition of a triangular wave whose peak
2-D-1
[+

to peak ampliturde equals Al and an asymmetric rectangular wave whose amplitude equals during

2-(1 - D)1
(1-D) x Ts seconds and equals __r_\l_—_o during D x Ts seconds. Therefore,

2

2-D-1 2(1-D)lq4

1
N |32

2
Iori RMS = ( °) (1-D)+

After simplifications, we obtain :

Al 4D(1-D)I}

Lpri_RMS = |73 * — Lpri RMs = 1:946



c) Calculate the losses occurring on the primary side of the converter :

With the exception of the transition periods (which are considered negligible with respect to the switching period),
the primary current always flows through the transformer primary winding and through one of the primary Mosfets.
Therefore, the total primary resistance consists of the transformer primary winding resistance in series with one
primary Mosfet RDSppn

- ; 2 -
P primary = (R_Pri(N) +Rds 550) 1 pri_RMS P primary = I-151 Watt

d) Calculate the losses in the transformer secondary winding :

The secondary current always flows through one of the secondary windings ; ttherefore :

. 2 =
ec = R_sec'l P =0.9 Watt

P sec

S

e) Calculate the losses in the secondary synchronous rectifiers ;

With the exception of the transition periods (which are considered negligible with respect to the switching period),
the secondary current always flows through one of the secondary synchronous recitifier Mosfets. Therefore :

2
P SR = Rds 053I o P SR =2.048 Watt

f) Calculate total conduction losses :

P tot = P primary * Psec * P SR P oy =4.099  Watts

Calculate primary magnetizing inductance

D-(1 - D)-TsVi -5
The analysis carried out above yielded : Al =5.393 L pri ——g——)—s-—m L pri = 1.011-107°
Al



3) DUAL ACTIVE BRIDGE

From the file "DAB2.MCD", we know that the optimum operating point lies at 300 kHz with Lleak = 8.5uH
andN=11; From DAB2.MCD, we extract the following parameters :

Ipk := 2.481 Ivalley := 0.631 D oy = 0.563 N =11
F ¢ := 300-10°
2 2 -2:®
11 1 T
rms g = | Ipk” + Ivalley” | Ipk-Ivalley: ———— trms ) =1.122
3 2 2-n
.- 2 =
Y- 2 =
P 3 := Rds g53-(Irms 1 N) P Q3 =1.387
= 0 . . 2
P gec = R_sec-2:(Irms 31 N) Psec =1.219
. 2 -
P ori = R_pri(N)-2-Irms | P pri =0.305

Unlike the other topologies, this one also has a primary AC inductor whose winding resistance is given by :

/ﬂf})z

\ 2
RL .. =0.227
Pout pn
0.9

= 2 .= S
P Lpri = RL prj2:Irms P pri =0-573

RL 1 := 0.005-

Ptoti= Z'PQI +2'PQ3+Ppn’+Psec+PLpﬁ



4) SOFT SWITCHING FLYBACK

We look for a current l,eq ok that will cause the parasitic capacitances to be completely discharged.

We know : [,=15

ka - Ineg_pk‘

5 (1-D)=I,

We must have :

The above expression suggests that we must look for a duty cycle as short as possible because the energy is
transferred to the secondary during (1-D) ; so we need to “"spread" the secondary current during the longest

possible period of time.

Choose : D = 0.25
The balance of volts-microseconds across the transformer primary requires :

D:Vin=(1 - D)-N-(Vout + Von) Take : Von:=0.2

D-Vin

= N =9.524
(1-D)(Vout + Von)

Therefore: N :

Take : N:=10
Therefore: D = —(voutr Von) D =0.259
N-(Vout + Von) + Vin
To simplify the calculations, let's assign Vout the value of Vout + Von,i.e.:  Vout:= 3.5

Calculate the primary and secondary parasitic capacitances :

Cdso g = 2:(14.2:10°7) Cedo oo = 2:(223.15:10°) A o = 8.074 Y sec = 1.599

Cdso g = 3311-10 Cgdo = 9.186:10 A pri = 2211 Y pri = 1107
Cgdo 4o, Cdso g Cgdo - Cdso -

- pn pn . 1o 12
Cgec(V) = — - C priV) = — - C i = 250-10

sec RV v
Asect V)™ 1. X (Apri+V) vz
0.8 0.8
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Vi
Vout + Jn
N

AE1 := Vout-

0
Vin + N-Vout
+J

0

AEl =-6.991-10"%

v

AE(V) = Vout-J
0

+
JVin + N-Vout - N-V

Vi
0<V< ?m+Vout

Flyback equations

M:= [ for te0..7

neg p
21,

L
m
[pk+I

Vin

Cgec(x) dx - Vin‘J

Vin + N-Vout

— + Vout
N

Vin
. Vout + —
Vin + N-Vout N
C pri(v) dv -

0 0

C ee(V) AV - Vin-J Cgec(V)V AV ...

1 L2 1 2
C pri(v)'v dav - E-C tfo Vin~ + ;C tfo"(N-Vout)

Vin + N-Vout v

Cgec(x)xdx ...

Cpﬁ(x)dx—J

Vin + N-Vout - N-V 0

1 2 1 2
C pri(x)x dx = —:C g (N-V - N-Vout)? + ~:C y¢:(N- Vout)

ap/Yin Vout) =-6.991-10"°

\ N

I k=119 +t

ka(—_l D +[neg_pk
Vout-(1 - D)-Ts

—_———\ -7 2

neg_pk

. 2
C sec(V) + N*C i(Vin + N-Vout - N-V) + N*.C g,

5 AE(Y)
Lm

dav

2

+Theg pk



M

52.4 53.4 54.4 55.4 56.4 57.4 58.4 59.4
1.9 12.9 13.9 14.9 15.9 16.9 17.9 18.9
"1 1.008-107  9776-10°  9.49-10°  9.22-10°  8965-10° 8.723-10° 8495-10° 8278-107
1972-107  1.45-107  1275-107  1.154-107 1.06-10°7  9.824-10°° 9.17-10°  8.606-10°°
pk Tok 524
Ineg_pk M<O> Ineg_pk _ 1.9 [ _ Z-AEI ol 2
Lo, Lo 1.008-10° end = [T, neepk
ty tyr 1.972-107
I eng = 1.704
Vin
Vout + ? Vin + N-Vout s
Cgec(V) dV =2.416-107 J C pri(V) dV =9.298-10
0
0
( 1-D
Irms .= |13 +1 3-] Irms ... =23.642
sec pk neg_pk 7 sec
3-{Tpk * I neg_pk)

frms . = Irms sec | D
pri’ N 1-D

_ Rdsgs3 2
PSR = ——Z—'Irms sec

2
P Ql = Rds 250‘[1’!’1’15 pl’i

. 2
Ppri = R_pri(N)-Irms pri

P gec = R_sec-Irms

Piot =P Q1 * PSR Pgec + Ppri

[rms pri ™ 1.399
P g =2.543
PQl =0.313

P gec =2.236

P or =5-288
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Appendix B

A Mathematical Model of the Gate to Drain
Capacitance for Power MOSFETs
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MOSFET MODELS

This appendix calculates the mathematical and PSPICE models of two power MOSFETsSs, the IRFP250 and the
FSYCO053LD. The models include non-linear gate to drain capacitances. The methodology used to develop these
models is described in reference {23] of the main text.

IRFP250

From the typical transfer characteristic curve of the IRFP250 at 25 Deg.C, we have :

K:=10 VTO=3 ® =0.1 Cox .= 34'10'9 F/sz ,J_O: 600 cmszsec
GIVEN
K-(425- V 10)° K05 - V)2
{ : T0) =0.75 ___\__/__ECL:G
1+®-\4.25-VTO) lfe'\b"vTO)
2 2
K.<4.75 -V To) . K.(é v To) o
1+®-(4.75-VTO) ) 1+0-(6-V10)
K / K /4.531
V1o |:= Minerr(K,V TO’G) V1o | = 3.891
© e} \-0.04
(6 -V 2 290,
We will take : ©:=0 K:(6-V1g) =20.159
We know that : K=&--V—V
2 L

Where Kp:= Cox-p g = 34nF/cm? x 600 cm?/V x sec ; therefore, Kp =2.04- 10°  F/V x sec
L:=2:100% for all MOSFETs

Therefore, W = %ﬁ W =088 m
P

Calculate Rchannel, RS and RD

1
Vgs = 10 R o= R ., =0.018

Kp-l“l-(Vgs -V 10)

Take: RS:= 15107 Then, RD:=8510°-RS-Rg, RD =0.052



MATHCAD MODELS OF NON-LINEAR CAPACITANCES

ANALYTICAL REPRESENTATION OF DRAIN TO SOURCE NON-LINEAR JUNCTION CAPACITANCE

CdsO=(Coss(1V) - Crss( lV))-«/E

Cds0

CdsO0 := (4.75 - 2.6)-«/5 Cds0 =3.041 nF Cds(V) =
1+V

ANALYTICAL REPRESENTATION OF GATE TO DRAIN NON-LINEAR CAPACITANCE

Cgd0:= 1 nCb A:=15 y:=0.5
Vi:=1 V2:=2 V3=4 V4 = 10 V5 :=25
GIVEN
Ced0_ss _C80 s _Cedo s _Cedd o, _Ced i
AY (A + VDY (A +V2)! (A +V3y (A + V4!
Cgdo /ngo 9.186
A | := Minerr(Cgd0,A,y) A |=[2211
Y Y 1.107
Cedo 160
Cgd(V) = —=— Cgd(V4) =0.575 Cgd(V)dV =7.706 nCb
(A +V)! 40
Calculate Miller Charge
V pp = 160 V plateay =645 Rds 5 = 0.085 Id = 30
From the Gate Charge Curve :
. 120 - 60 . . 17
Ciss 5 = Ta-6as Ciss 5, =7.947 nF Ciss o¢r = 545
From the Data Sheet:  Ciss |y, := 5.35nF Crss |y = 2.6 nF Ciss gy = 2.85nF

Cgdo
(A +V5)!

=0.25

Ciss ogp =2.636 NF

Crss 0V © 0.3 nF



(Ciss 20y - Crss 2OV> + (Ciss 1y - Crss lV)

CGS = 5 CGS =2.65 nF
Crss 4, := Ciss o, - CGS Crss 5, =5.297 nF
VDD -V plateau Crss o + Cgd(0)
QG Miller = Cgd(V) dV + > -(V plateau = Rds on'Id)

QG piller =46.588  nanocoulombs

PSPICE REPRESENTATION OF GATE TO DRAIN NON-LINEAR CAPACITANCE

When Vgp >0, Cgqis equal to Cisspn - CGS ; Therefore : Crss 5 =5.297

When Vgp <0, Cgqqis the series combination of Crssen and a variable capacitance. This series combination must

be determined using the capacitance Cgd analytical expression found above.
Let's first deternine the voltages Vx at the junction between Crssg, and the variable capacitance :

Vx1:=1 Vx2:=1 Vx3 =1 Vx4 :=1 Vx5 =1
GIVEN
\A
Cgd(V)dVv
Vx1=VI1 - 0
Crss on
Vxl1 := Find(Vx1) Vx1 =0.417
GIVEN
V2
Cgd(V) dv
Vx2=V2 - 0
Crss on
Vx2 := Find(Vx2) Vx2 =1.009
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GIVEN

V3
Cgd(V) dv
Vx3=V3 -~ 0
Crss on
Vx3 := Find(Vx3) Vx3 =2.443
GIVEN
V4
J Cgd(V) dv
Vxa=va - 22
Crss on
Vx4 = Find(Vx4) Vx4 =7.513
GIVEN
Vs
Cgd(V) dv
Vx5=V5 - 0
Crss on
Vx5 := Find(Vx5) Vx5 =21.495

Find the new values for Cgd0, A and y. The total charge accumulated up to Vx, must be identical to the one
accumulated by the original Cgd model up to V,,.

GIVEN
Vxl1 Vx4
Cgdo Vi Cgd0 vé
— T §v= Cgd(V) dv — s dV= Cgd(V)dv
({A] + V)Y 0 (JA] + V)Y 0
J0
Vx2
[ Cedo V2
— 2 dV= Cgd(V) dv
(IAI +V)Y 0 r Vx5 AVES
_Ced0 dV=J Cgd(V) dV
FV 3 A + vy 0
X V3
Cedo dV-J Ced(V) dV
({A] + V)Y 0
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Cgdo /ngo 3.662

A | := Minerr(Cgd0, A ,7y) A | =1027
y \ y 0.855
. . C . Cgd0 . X
Verify that the series combination of ————— and Crss yields the values of Cgd defined above for 0, V1 to V5.
(1Al + V)Y on
Cgdo Cgd0
Crss g 220 Crss o290 Crss g —290
Y vxl Y ; Y
(l:L)o =3.598 (IA|£ d(’)‘ ) _2.584 (IAIC* Z(;Z) =1.902
Crss o + & Crss g, v e Crss o, + s
(lap’ (la] + vxy? (|A] + vx2)"
Cgd0 do
Crss On.—_C& Crss on.___g__ Crss .___Cg—__.
Y Vx4 Y Y
(IAISZ;” =1.205 (lAlé d; ) ~0.566 (]A]gzgs) =0.25
Crss o + o S Crss . + — 5 Crss o + — 5
(|A] + vx3) (|A] + Vx4)Y (|A] + vx5)Y
The match with the initial values is excellent
. . . . CcJo
The PSPICE representation of a diode reverse capacitance is : CJ (V)=/ v
vd
\ v_1>
Fromabove : M:=y Vi:=|Al
M =0.855 V] =0.27 cJo
Crss on’ T
[ Vx4 M
clo - <&l CJ0 =11.215 \! “\T)
(Jahy =0.566
CJjo
Crss on + —
M
Vx4
I +——
%)
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PSPICE REPRESENTATION OF DRAIN TO SOURCE NON-LINEAR DIODE JUNCTION CAPACITANCE

CBD:=2 PB = 0.8 Vi=1 V3 =4
GIVEN
B0 _475-26
v
1+ Vi
PB
CBD _25-12
V3
I +-—
PB
{CBD _ CBD\ [3.311
:= Find(CBD, PB) =
\ pB pB | |0.729
Cds(V) = CBD
1+ _V_
PB

PSPICE REPRESENTATION OF GATE TO SOURCE CAPACITANCE

Cox := Cox-10* Cox =3.4-10% F/m2

-9
cGs0 = S8510 WC°" WL CGS0=2.303:10"7 F

Let's now disable Cox (in PSPICE, this means making Tox =1, i.e. very large)
Cox:=0

- -9_ . . —
caso = S8510 WC°"WL CGS0=2.98310° F
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TRANSIT TIME OF ANTI-PARALLEL DIODE

From Data Sheet, at |z = 30A and di/dt = 100A/us : Qrr := 4600- 10°?
I F = 30

dI_dt := 100-10°
Ip

-7
fom —— te=3-10
£ 4 ar f

tg:= 1010

te
«J‘e

tg := Find(tg) tg=3.75-10"

GIVEN

QTT=[ F't e-e
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FSYCO053LD
From the typical transfer characteristic curve of the FSYCO053LD at 25 Deg.C, we have :
The typical transfer characteristic of the FSYCO053LD is unavailable at this time

K:=10 Vo= 1.5 ©:0 Cox = 6810 F/lcm2 =600 cm2V x sec
K:(2.25 - V 70)? . 2 2
T . - 2 A3 -
\@ : o) =020 K:(2.75- V 10) s K:{3-V o) oo
1+0©-(225-V = =
( T0) 1+0:(275- Vrq) 1+0(3- Vo)
2 2
K:(35-V - K(4-V 2
( 0) _o (-Vro) / 1) _ 00,
1+©-(3.5-V 10) 1+0:(4-V 10)
[ K K ( 10
:= Minerr (K, V 0 _
\v O (%-V To0) Vto|=|15
e 0
Calculate Rchannel, RS and RD
Take: RS:=2:103 RD := 1.5-1073

From measurements, RdsON at Vgs = 5V is equal to 7.4 mQ, RdsON at Vgs = 10V is equal to 5.2 mQ

VTO =1.5 K=10
GIVEN
—_l——+-RS+RD=7,4-]0'3 ———L———+RS+RD=5'2.10‘3
S [ K _/33.183) & (Ve o |
Vg | = Fd(K.V 10) \VTo/ (1136 oht 8T K (Ves - V 10)
We know that : K=Q-\—N-
2 L

Where Kp:= Cox-u g = 68nF/cm? x 600 cm?/V x sec ; therefore, Kp =4.08-10° FIV x sec

L:=2-10% forall MOSFETs
Therefore, Wiz — W=3253 m
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MATHCAD MODELS OF NON-LINEAR CAPACITANCES

ANALYTICAL REPRESENTATION OF DRAIN TO SOURCE NON-LINEAR JUNCTION CAPACITANCE

Cds0=(Coss(25V) - Crss(25V))- /1 + %

Cds0 = (3.9-14)- |1 + 2 CdsO=14.197 nF Cds(V) = _Cds0_ Cds(25) =25
0.8 v
I+
0.8

PRELIMINARY CALCULATION OF CGS

From Data Sheet, CGS=Ciss(25V) - Crss(25V)

CGS:=62-14 nF CGS =438 nF

ANALYTICAL REPRESENTATION OF GATE TO DRAIN NON-LINEAR CAPACITANCE

Cgd0:= 1 nCb A=l
V1 =1 V2:=5 V3 =10 V4 =25
GIVEN
Cedo_ 12.47 - CGS _Cedd0 11.8 - CGS —Eg’c‘o—:sm - CGS —Cgflg—.=6.91 - CGS
AY (A +V1)Y (A +V2)Y (A +V3)Y
—Ced0 _583-cas
(A +Va)
Cgdo /ngo 223.153
A := Minerr(Cgd0,A ,y) A | =] 8.074
Y \ v 1.599
24
CgdO
Cgd(V) = —=—— Cgd(0) =7.907 Cgd(V) dV =10.172 nCb
(A +V) 15
Calculate Miller Charge
=74.1073 .
V pp = 24 V olateay = 3-6 Rds o, = RS+ RD + R 4(5) Rds o, =7.4-10 Id:=71



From measurements performed on 2 devices :

Ciss 5, = 13.3 nF Crss o, = Ciss 5, - CGS Crss g, =8.5 nF
v plateau = >
VDD - V plateau Crss o, + Cgd(0)
QG Miller = Cgd(V) dv + — ~(v plateau ~ Rds on-Id)

QG Miller =9[.652

PSPICE REPRESENTATION OF GATE TO DRAIN NON-LINEAR CAPACITANCE

When Vgp > 0, Cgyq is equal to Cissgp - CGS ; Therefore : Crss o, =8.5

When Vgp < 0, Cqqis the series combination of Crsson and a variable capacitance. This series combination must
be determined using the capacitance Cgd analytical expression found above.
Let's first deternine the voltages Vx at the junction between Crssy, and the variable capacitance :

Vxl =1 Vx2:=1 Vx3 =1 Vx4 =1
GIVEN
Vi
Cgd(V) dv
Vxl=VI - 0
Crss o,
VxI := Find(Vx1) VxI =0.153
GIVEN
V2
Cgd(V) dv
Vx2=V2 - 0
Crss o,
Vx2 := Find(Vx2) Vx2 =1.856



GIVEN

V3
Cgd(V)av
Vx3=V3 - 0
Crss o,
Vx3 = Find(Vx3) Vx3 =5.199
GIVEN
V4
Cgd(V) dv
Vx4=V4 - 0
Crss o
Vx4 := Find(Vx4) Vx4 =17.85

Find the new values for Cgd0, A and y. The total charge accumulated up to Vxy must be identical to the one
accumulated by the original Cgd model up to V.

GIVEN
rvx3 V3
Vx1 Vi
[ Cgdo [ _C80 gvs Ced(V) dv
— . _dV= Cgd(V) dv (A + V) 0
(Jal+vyr  Jo Jo
Jo
Vx4
rvx2 rvV2 F Cgd0 va
Cgdo — === dv= Cgd(V) dv
—= _dv= Cgd(V) dvV (A] = V) 0
(lat+vy¥  Jo Jo
Cgdo /ngo 10.326
A | := Minerr(Cgd0,A ,y) LA ]=10.086
% \ Y 0.788
Cgd0

and Crss yields the values of Cgd defined above for 0, V1 to V5.

Verify that the series combination of
Al +v)Y on



Cgdo
Crss - CE Crss g B0 Cres oS80
Al vx1)Y Y
(IC ld)o 7599 (lAlédgl) 6714 (lAI;:;z)
Crss g, + g Crss 5, + — Crss o + — 8
(al) (la] + vx1y! (|A] + Vx2)!
Crss on-—_cidg___ Crss on..__C:_gdo_
|A] + vx3)Y (|A] + vx4)Y
( Cod0 =2.094 CedO =0.943
Crss g + —_ Crss o + A
(JA] + vx3)Y (JA] + Vx4)Y
The match with the initial values is excellent
. . . . cJo
The PSPICE representation of a diode reverse capacitance is : CI(V)=
([_Vd M
Y]
Fromabove : M=y VI=]|A]
cJo
M =0.788 VJ =0.086 Crss o’ T
Cedo (1 v _J>
clo = =5 CJo =71.732 oo =759
(lAI)Y Crss g +
M
0
l +—
-

PSPICE REPRESENTATION OF GATE TO SOURCE CAPACITANCE
Cox := Cox-10* Cox=6.8-10"% F/m2
CGS 107 - Cox-W-L

CGSO := = CGS0=1.155-10"0 F

Let's now disable Cox (in PSPICE, this means making Tox = 1, i.e. very large)
Cox:=0

-0
caso = S85:10 v;c"x WL CGS0=1.475-10° F

B-13
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TRANSIT TIME OF ANTI-PARALLEL DIODE

From Data Sheet, at I = 71A and di/dt = 100A/us : Qrr := 450-10°°
[F =71

dI_dt := 100-10°
Ip

-7
tpim — te=7.1-10
7 4 a f

tg:=10-10°°

GIVEN

Qrr=I F't o€

tg = Find(t) tg =9.607-10°°

B-14



Appendix C

Efficiency Calculation of 3.3 V Complementary Half
Bridge Converter
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EFFICIENCY CALCULATION OF SOFT SWITCHING COMPLEMENTARY HALF BRIDGE

Vin min = 90 Vin := 100 Vin max = 110 Vout := 3.3
49.5

. = 400-10° , -6
Pout := Fs = 400-10 L pri = 14.5:10

Multiplying factor for Cpri averaging voltage : M, := 2
Damping resistance in series with the gate of Mosfet driven during 1-D: R damp * 0
Number of parallel Mosfets in the 1-D branch: Npl =2
Number of parallel Mosfets in the D branch : Np2:=1

IRHM7250 DATA

RdS i = 0.1:1.6 Rds ; =0.16
Cds0 = 3.311-10°° Cgd0 = 9.186:10° A =2211 ¥ = 1.107 C i = 250-10712
dsO d Cgdo .
Coss(V) = —0 _, _Cedo Ced(V) = —2Z Ciss_pri g = 7.947-10°
ARV Y
LY AV (A=) C g =26510°
0.8

ESYC053 DATA

-3 -3
Rds g [ = 0.0073-1.3 Rds g 1, =9:49°10 Rds g = 0.0052:1.3 Rds ¢, =6.76:10
Ci = 13-10°°
lSSL ON = 13-10
- RG =025
223.15-10°° 14.2:10°° 223.15-10°°
Coss g0 1.(V) = o9+ Cgdgee L(V):= — Vp:=075
- (8.074 + V)~ \% - (8.074 + V)"
- —_
0.8
BASIC PARAMETERS
Pout I -6
= = = / =072 - — = .
oo Lo=13 Von = I ;(Rds gc [ +0.005)  Von=0217 Ts=—  Ts=25:10
Choice of D = 50% when Vin = Vingjs = 90V
D ax = 0.5 L_tk:=33-10"°
2D max'(l -D max)'vin min
N = N=12.112
L kI,
Vout + Von + T N =12



Caiculate D for Vin = 100V

D :=0.1

GIVEN

Vout + Von= 2 2:(1 = D)-Vin _ LIk,
N Ts

D = Find(D) D =0.335

Calculate Dy for Vin = Vinga, = 120V

D min = 0-1

GIVEN

Vout + Von= 2D min'(1 -D min)‘Vi“ max _ L kI,
N Ts

D min = Find(D 1) D pin =0.282

Since we want to implement a Complementary Half Bridge with current doubler, we take :

N:=E N =6
2

The leakage inductance as seen from the primary side equals :

L_lk:= (33 - 3.75:(Npl + Np2 - 2))-10"?-N? L_lk=1.053-10"°

Calculate total secondary side capacitance

Vin-D
N

1
Coss OFF = VinD .

Coss ec (V) AV Coss gpp =1.258:10°°

Npl -Ciss L ON + NPZ'COSS OFF 9

C gec =1.072:10

C :
sec
N?



—_
Npl

RG . 2 RG 2
< R damp>-(Npl~Clss L_ON) + ——sz-(NpZ-Coss OFF)
R goq = N2 R gec =3.001
. 2
(Npl -Ciss | oN + Np2-Coss OFF)

Vin
Coss(V) dV + Coss(V)dV | +C tfo
Vin - Vin-D:M

1

o Sl )
p Vm-D~MOV

Vin'D'M g,
c

0

-9
C pri =1.732:10

I I
o pk pk
VCsec(lpk-t) =-Vin-D - c c 2'C pri C sec'R sec cC _.+C
( pri * sec) pr; sec
p_Rsec ) sin(m1t>_1_/-1_—2Q)+cos\m1-t> L
\ 2Lk G 220 | CorirCoee

I C 2 R
._ pk sec sec
\"% Cpn(l pk’t) = E—'-T't +1 pk(C—Tpn) ‘R sec’ - exp\- 2L ]k‘t)'COS((D l't) o

2 R
2.0° -
£ 21 'exp< i -t)-sin(co l-t)

> 2L Ik
JaQ? -1
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We now need to calculate l,gq pk

_ Vin:D-(1-D) loD
= +

= [
neg_pk 2FsL o N neg_p

I k =276

_ Vin'D-(1 - D)

L pd'FS

Al: Al =3.843

_ A De(1-D)I? _
Ipri <= _+—-NT— Ipri g = 1.62

GIVEN
\% csec([ pk,t1> + R o'l L_lk(l lDk,n)=o

Answer(l pk) := Find(t1)

t1:= Answer (I neo o) t1 =5.409-10"

ILpri* Ineg pk - IL_Ik(I neg__pk’tl) TP pri=129

V1:=if(V cpri(Tneg_pk-t!) + Vin'D>Vin, Vin,V cporill heq piotl) + Vin'D) V1 =68.19 V2 := Vin

We now calculate the current through L_lk at the end of the voltage transition, assuming that the transition takes
place in 2 steps ; for this first calculation we assign to V2 a value equal to Vin. If the current value is less than

2 x 1o/N, the assumption is validated. If not, we must redo the calculation by assigning a current value through L_lk
equal to 2 x lo/N and calculating V2.

V2 Vin - V2 rV2
X:= J Coss(V)-V dv +J Coss(V)-Vdv - D-Vin-J Coss(V)dV ...
A2 Vin - V1 \2!
1 Vin - V2
+—-C tfo'[(V2 - D-Vin)2 -(VI1 - D-Vin)z] - (1l - D)-Vin- Coss(V) dV
2 Vin - V]

C-5



We now need to find the roots of the following polynomial : —;—-L_lk-(l)2 -L_lkI Lpri'[ +X=0

= ifl / .2_ .L . .- .2_.L
I: u{\[ Lpn> 2 L_1k<0’ILP”'ILP"‘ (I Lpn) 2 .

GIVEN

V2
Coss(V)-V @V - D-Vinj Coss(V)dv ... |=0
A\
) Vin- V2
+—C tfo'[(vz - D~Vin)2 -(VI1 - D-Vin)z] -(1- D)-Vin-J Coss(V) dv
2 Vin - VI

V2 Vin - V2

—ZI--L_Ik-(x)Z - L lkyx + J Coss(V)-V dV + J

Vi Vin - V1

Ans(x,y) := Find(V2)

V2:= Ans(LIp ) V2 =82.146

v

Coss(x)-x dx - D-Vin-J Coss(x) dx ...
V1

Vin-V

v
F(V):= J Coss(x)-x dx +J
Vi Vin - V1
1 Vin-V
+=C o'l (V = D-Vin)2 — (V1 - D-Vin)2] - (1 - D)-Vin-J Coss(x) dx
Vin - V1

V2 -0.5
Coss(V) + Coss(Vin- V) +C tfo 3
t2 := dv t2 =2.487-10

2-F(V)

[t - 250

Vi -8
tl +1t2 =7.896-10

Due to additional delay in the turn-on of the upper transistor : V2:=V2-8g



1) Conduction losses in primary transistors

‘= .. 1 2
P Qpri_cond = Rds pri*Ipri iyg P Qpri_cond = 0:42

2) Switching losses in primary transistors

Vin- V2
P Qpri_swit = J (Coss(V) + Coss(Vin ~ V) + C g,)-V dV |-Fs P Qpri_swit =0-133
0

3) Gate losses in primary transistors

Due to the resonant nature of the gate charge, almost no dissipation occurs on transistor turn-on ; therefore, all the
gate dissipation occurs during the turn-off ; we shall assume that the gate discharge process is powerful enough so
as to completely discharge the gate capacitance from Vqgic to zero before the drain to source voltage starts to rise
; therefore :

Vin - V2
i . . 2 _
P Qpri_gate = 2-Fs.\0.66-C1ss_pn ON'Y Logic + 066V LOgiC'JO Cgd(V)dv|P Qpri_gate =0-709

4) Losses in primary capacitor bridge

ESR:= 0.1 (For 1 capacitor)

. 2 _
P Cap = ESR-Ipri ;o P Cap =0262

5)_Conduction losses in secondary MOSFETs

The secondary MOSFETSs conduct most of the switching period as transistors ; but, during the current transfer from
one Sync Rect to the other (whose duration is deternined by the leakage inductance), only their body-drain diodes
conduct. We must therefore determine the duration of the overlap.

L_tk := (33 - 3.75(Npl + Np2 - 2))-10"° L_lk =2.925-10°°

It can be shown that :

N-L_lk-I 1.5 -3 N-L_Ik-T,1.5 -
t E— t =35.942-10 t E— t =1.177-10
ovl (1 - D)Vin ovl ov2 D-Vin ov2

tov is the sum of tgy4 and toy and is equal to :

N-L_lkI 1.5

-7
Py ———— t., =1771-10
%V D1 - D)-Vin ov
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Therefore :

D -Ts -
\DTst

) sec
ovl) Np2

2
Rdsgec 16

2 —
+[(1 -D)Ts- tovz]-———— rtoyVpl,

Npl

P Qsec_cond =

Ts

P Qsec_cond =

1.93

6) Switching losses in secondary MOSFETSs

These consist of :

a) Gate losses during the turn-off of the Sync rectifiers
b) Gate losses during the turn-on of the Sync rectifiers
c) Reverse recovery losses

Gate losses during turn-on result from a soft transition ; let's estimate this transition

Yfall 1= tl at the end of the 1-D period ; teal 2 =t fa“_l-o.s at the end of the D period ;
Vin-D Vin-(1 - D)
Np2 Npl N
Cgd = . Cgad V) dv Cgdy iz —m - Cegd V) dv
324 1 D-Vin g SCC_L( ) g 2 (1 — D)-Vm 0 g SCC_L( )
N N
RG RG
RC R dam -(Npl-Ciss L_ON RC = —Cgd 4
P Npl Np2
/ . RG
[ teit
i 2 RC, )
Vin-D 1 .
P QSEC_I := RC 1 _‘—-—— . tfa]l 1 RC 1'\1 -¢e ’Npl‘CISS L_ONFS
N-teap_ g !
/ ‘ran_l)
5
Vin'D - RC2
P QSCC_Z = RC 2° —.-—— . tfall 1 RCZ \1 € chd l'FS
N-teap_g
( “thall 2 ]
2
. Vin-(1 - D) |° RCs .
P Qsec_3 = RC 3 ——_—N-t all 2 '-t fall_ 2~ RC ] -Np2-Ciss L_ON'FS
a
[ / “thi 2
2
3 Vin(1 - D) | RC4
P Qsec 4 =RCy Ntgn g | | tfan_2 - RC 411 \ |Ced 5°Fs
a —

P Qsec_off =P Qsec_1 * P Qsec_2 * P Qsec_3* P Qsec_4 P Qsec_off =0-101
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Gate losses during turn-on :

72 .12
R ) D-vin\® 1 , (1 - D)-Vin
P Qsec_on = -Z“‘Npl -Ciss L—ON‘< N ) + E'NPZ'CISS L_ON'[—-—I\?-—J oo -Fs
Vin-D Vin-D
N
D-Vi
+ Np2-———. Coss g 1(V) dV - Np2: Coss gee L(V)VdV ...
0 - 0 -
Vin-(1 - D) Vin-(1 - D)
(1 - D)-Vi N N
- *vin
+Npl -T Coss sec_L(v) dV - Npl- Coss sec_L(V)'V av
0] 0
=1.149

P Qsec_on

Reverse recovery losses can be viewed as the dissipation of the excess energy stored in the leakage inductance ;
we know that the total current transition typically equals 1.3 x I, ; therefore,

- 2 -
P gsec_RR i= L_tk-(0.5-1,)*Fs P Qsec_RR =0.658
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7) Losses in main power transformer

Transformer data :

Copper trace width : x = 508103

Number of secondary layers : Ngec =4
PCB thickness : t=2.510

Core center leg width : 1:= 4 1073

Core length : L:=17.5-10"

Core height ; h=75103

3F3 material constants :

1.0097-10°2 /8.4886-10'3 8.3427-1073 8.1994-10°3 /6.12'1
=if| Fss10°,| 18694 |,if] Fss2:10°, 18694 |if|Fs<4-10°,] 18604 |.if Fs<4-10°,| 18694 |.| 2.3
B 2.8536 \ 3.0875 2.8026 2.544 2.45
K /s.1994~1o‘3
o | =|1.8694
g 2.544
p _
K1 = K—2 1000 K1=7.073-10"°
1000%

Calculate core losses :

D:(1 - D)-Vin P
2-N

P Fs® Pl =B B2 - 20+ 241+ 0.007) P core =0-446

core - Kl'[

Calculate copper losses :

Calculation of copper losses in the transformer is very complex and necessitates the calculation of current
harmonics. Practical measurements have shown that the primary winding AC resistance behaves differently
whether the secondary is open or short. Therefore, two different AC resistance curves have been established :

One for the open case and the other for the short case.
We will use the secondary open AC resistance for the magnetizing current (not transferred to the secondary) and

the secondary short AC resistance for the load current.

Define high frequency AC resistance correction curves :
The correction curves corresponding respectively to the secondary open and the secondary shorted are :

k(D)= 1+7.216-10 3.£0:462 k() = 1+ 0.077-224!
] S

a) Calculate fundamental and harmonics of primary load current

Ts:= — Ts =2.5-10"° ni=1.8



D-Ts ' Ts .
2 . 2 .
a = — _(l _D)-__O. .cos/n..z_n.t dt+._. D.._o. -Cos n-z_n.t dt
" Ts N \ Ts Ts N Ts
0 D-Ts
D-Ts ' Ts / .
. 2 .
—y (-0 2 sin/n 2 ) g s 2 D2 sinl .27 &
n T N| \ Ts Ts VN T
0 D-Ts

IL_ = f(an)z + (bn)z

b) Calculate fundamental and harmonics of primary magnetizing current

D-Ts

2 (1-D)-Vin [D-Ts 2
a = — ‘5 - t]|-cos{n-——-t}dt ...
Ts L pri 2 Ts
0
Ts )
+—2—- D.VIn-/t - ! Ts) cos(n-z—qﬁ't) dt
Ts L ori \ Ts
D-Ts
D-Ts
- D) Vi . .
b := 2. (1-D) m_(D Is . t) -sin(n--z—z-t> dt ...
Ts L pri 2 Ts
0

dt

S

+
S
—3
w
~= -~

D~Vm_(t_ i ;D-Ts)

. / 2w
~sm\n-—-t
Lpri

D-Ts

Im_ = (an)z - (bn)z

We know that the primary winding is made up of N layers in series whereas the secondary is made of Nsec
layersin //.

_P 2:1+2-L+4x+0.01 Where z is the copper thickness corresponding to 2 ounces of copper, i.e.

z x 71.12:10°% m.
p is the copper resistivity at 80 Deg. C

R layer



. 3_234.5 + 80

p o= 17211078 p=2.126-10"°

2221410325410 z2=7.112-10"

Let's now calculate the copper losses ; it should be noted that the correction factors calculated above include the
secondary winding resistance ; the latter shall not be included in the calculation.

P 2:1+2-L +4-x+0.01 N . _
R pri_pC = 2= N > S+ 0.004 R pri_pc =0.033
Zx-{=-1]-0254-10
N \2
] p21+2L+4x+001l _ -3
RSBC DC__ . p RSCC_DC—I'078.10
P ydg = R pri DC Zko(n Fs) st(n Fs) P g =028



8)_Losses in output inductors

e -3
R Lout = 1-10

I 2
o
P = 2:R (—)
L =
out Lout 2 Pl oyt =0.113

9) Losses in intput inductors
1
Calculate lge :  Ig4,:= D-(1- D)-§° 4o =0.557

- -3
R Ljn = 150-10

2
PrLin=2RinTqc PLin =0.093

10) Losses in input filter second stage damping resistor

We need to calculate the RMS value of the DC ripple voltage ;

The expression of the current through capacitor C1 (in parallel with the MOSFET which is ON during DTs equals :

Is (1-D)Vin [D-Ts
. .

't)*[dc For 0<t<DTs

I~(=-(1 -D)—
Cl1
N L ori \
Ler(M=lge For DTs<t<Ts
[ - D) Vi T
Therefore : [ cq(t) = if| t<D-Ts,-(1 - D)~——0 + (1-D) m./D S t]+Ige.Tgc
N L ori \ 2

The expression of the current through capacitor C2 (in parallel with the MOSFET which is ON during (1-D)} Ts
equals :

Loa(=1 4 For 0<t<DTs

I, Dvi .
Icz(t)=-D-—§o+]i ‘"[(I*S)Ts-t}udc For DTs<t<Ts

pri

Lo D-vin[(1+D)
Therefore : 1y (t) = if] t<D-Ts, 1 g, Do » 20 LLEDITs )y o
N Lo 2

t:=0,10-107 .. Ts



-4
0 5107 1r10% 1510 2:10° 251076
t

Calculate the RMS ripple voltage across the series combination of C1 and C2:

Cl1:= 082106 C2 = 0.82:10°°
Ts
1 [V Tt t [! ’
Vpn rms e ——— ICl(x)dx+-——7-- Icz(X)dX dt Vpn l'mS=O'45
— Ts Cl 0 c2 0 —
0
R damp © 12
A
pri_rms

P Rdamp ~ P Rdamp =0.017

R damp

11) Losses due to interconnections

= 1073(10 - 2:Npl - 2-Np2) R contact =4°10°

R contact -

= 1 2 =
P contact "~ R contact I o} P contact 0.9

12)_Losses in the control circuit

The gate drive losses have already been estimated above (3) ; therefore, only the quiescent current will be taken
into account.

! Logicgo'o"'5 V Logic =12 Pogic =V Logic'[ Logic P Logic =0-54



TOTAL LOSSES :

Qiot =P Qpri_cond t P Qpri_swit * P Qpri_gate + P Cap * P Qsec_cond ¥ P Qsec_ont P Qsec_off * P Qsec_RR -
+Peore *P wdg " PLout *PLin* P Rdamp * F contact + P Logic

Qo =7.752  Watts

EFFICIENCY :
noe—tM 00 n=8.46 %
Pout + Q
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Calculated and measured efficiencies at lo = 5A and 1 MOSFET in each branch :

i=1.4 £ := 200 + (i - 1)-100
n =86.46
85.3 80.8 744 69.2 82.75 77.7 72.5 68.9
83.5 82.8 80.6 78.1 83.63 81.49 76.86 74.2
'r] = T] =
cale " lgo6 812 807 79.7 meas  181.13 8226 79.6 76.39
77.7 788 79.15 78.9 778 80.81 80.53 78.7
<] >
1 = <t= N_meas 24.6 = M meas l
N_LaIC 246 ' M calc )
I = <2> N_meas 145 % M meas
n_calc 1457 M calc ’
! = <3> n_meas 10,5 °=M m<=:as<3>
n._cale 10.5 = M calc ’
<4>

= <4> n_meas =0
n_calc g 7:= N ¢a)c 8.7 meas

n_calc 34 6;
¢

N_meas 24.6;
>

T]_CZIIC |4.5i
-8

N_meas 14,5,
-Q

n_cale g5,
—-

N_meas 0.5,
—-

n_calc 8.7;
--

n_measg 7.
-£)-

68200 250 300 350 400 450 500



Calculated and measured efficiencies at lo = 15A and 1 MOSFET in each branch :

n =86.46

N cale =
cale " lgss 854 85 84.4
84.1 843 842 83.9

87.7 85.8 83.2 80.9

86.8 86.2 85.1 84

<>

n_calc 54 6 = M calc

<>

n_cale 14,5 M calc

<3i>

n_calc 15 5= M ¢alc

Efficiency (%)

n_cale 34 ¢;
—)(.

N_Meas 24.6;
*

n_cale 45,
_a_

n_meas 14.5;
-

n_calc 10.5;
-

n_meas lo_si
+

n_cale 8.7
_e-

n_meas 8'7i
-e_

<4>
n_calc g 7:= M cqic

N meas =

87.5 85.69 83.21
86.97 86.19 84.59 83.73
85.7 85.42 84.37 B83.58
84.44 84.62 83.8 83.51

81.3

<>

N_MEas 24 6 ‘= " meas

<2>

N_MeaS 145> N meas

3 <3>
n._meas 19,5 = N meas

<4>
n_meas g 7 = M meas

CONVERTER EFFICIENCY : Q4 = 1| MOSFET

250

300

Switching Frequency (kHz)

350

f.

1

400

450

500



Calculated and measured efficiencies at lo = 15A and 2 MOSFETs in the 1-D branch :

1 =86.46
89.3 87.4 84.7 82.3 88.7 86.6 84.6 82.3
88.1 87.6 86.5 85.4 87.9 87.3 86.1 84.7
Neale ™ | g 6 86.6 862 85.7 meas * g5 4 865 858 84.9
85 853 852 85 84.6 85 849 846
1 = <t> n.meas 46 =M me:as<l g
n_cale 24,6 = M calc
= <2> N_Meas 145 = M me =2z
n_calc 14.5:= M calc as
NN 1 M_meas 10,5 1% M megs
n_calc 19,5 M calc ) as
<4 >

<4> =
n_calc 8.7 Mcale 4 n_meas g 7 = M meas

CONVERTER EFFICIENCY : Q4 = 2 MOSFETS

90
n_cale 24 6; 8
_)(.
”-m°“524.6i 88
-
n_cale 14.5;
-a- 87
T MBS 145
}; -=
£ 86
g nealegs,
= e
53]
T_meas 10,5,
—t '8s
n_calc 3.7
°1
- 84
n_meas 8.7:
M |
-
83}
8250 250 300 350 400 450 500
£
Switching Frequency (kHz)
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Appendix D

e, s

Size optimization of 3.3 V Complementary Half
Bridge Converter
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DETERMINE EPC OPTIMUM FREQUENCY OF OPERATION

Statement of the problem : For a given switching frequency, find the minimum volume and the minimum area of
magnetics which will lead to a given total magnetics power loss.

lo:= 15 Vin := 100 Fs .= 400-10° D = 0.1 N =6
Vout = 3.3 Vin min ‘= a0 D min = 0.1
Von := 0.2 Vin gy = 110 D max ‘= 0.1 L Ik = 33-10°°

Calculate Dmax, Dmin and D

GIVEN
D ay(1-D Vin
Vout + Von= 12X ( Nmax) ™ _ | Ik-lo-Fs
D max = Find(D max) Dy = 0.441
GIVEN
D (1= D i )-Vin
Vout + Von= —10 ( Nm'”> M3X _ L Ik-lo-Fs
D min = Find(D min) D min =0.28
GIVEN
Vout + Von=w - L_lk-lo-Fs
D := Find(D) D =0.332



Let's now define the magnetic core parameters : Shape, dimensions and type of material

A
Y

)
 J
J
\

Y

A

Magnetic cores material ;: Philips 3F3

K = 97-10°6 o = 2.569 B = 2.307
B _
K1 = K-—9__.1000 K1 = 3.862-10"
1000%

We will keep the height of all the magnetics constant and equal to 10 mm
h := 0.01

The PCB thickness is fixed and equal to 2.5 mm.

t := 0.0025
Therefore, the center leg width is equal to (allow a 1 mm clearance in l:=h-t-0.001
window height) :

| =6.5-107
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A) Power transformer

In a previous spreadsheet, it has been determined that the value of primary peak current that will lead to ZVS
atlo = 15A equals 2.8 Amps ; let's calculate the corresponding Lpri

Ipk := 2.8
. . fo
Starting from : Al=2-1min + 2.ﬁ.(1 - D)
lo
ipk=Imin + —
p + N
Al=Vm-D-§1 - D)
Lpri-Fs
We obtain :
Lprl = Fl-w Lprl - 1-408'10_5
2-Ipk - 2.2-D
Al = Vm-D-(.1 - D)
Lpri-Fs
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A% D-(1- D) o2

IPrifmg = |75+ v Ipri g = 1.637

I _lo
S€Crmsg = 2

Calculation of copper losses in the transformer is very complex and necessitates the calculation of current
harmonics. Practical measurements have shown that the primary winding AC resistance behaves differently
whether the secondary is open or short. Therefore, two different AC resistance curves have been established :

One for the open case and the other for the short case.
We will use the secondary open AC resistance for the magnetizing current (not transferred to the secondary) and

the secondary short AC resistance for the load current.

a) Calculate fundamental and harmonics of primary load current

Ts = - Ts =2.5.-107° n=1.8
Fs
D-Ts Ts
a = _g... _(1 - D)..I_g COS n._z._n.t dt.,._z_. /D.'_o_ -COS n.ﬁ.t dt
N Ts N Ts Ts \"'N Ts
0 D-Ts
D-Ts / ) Ts | ,
2 lo 2:'r 0 ¥4
b = — (1 -D)—|sininSZt)dt + = D-— |-sin{ n-=Z-t) dt
nTg [( )N}sm\n Ts) " Ts < N) < Ts)
0 D-Ts
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b) Calculate fundamental and harmonics of primary magnetizing current

t)}.cos

D-Ts
a = 2 (1- D)-Vin_/D-Ts
" Ts Lpri \ 2
0
Ts
2 D-Vin 1+D
+ o St - -Ts
Ts [ Lpri < 2
D-Ts
D-Ts
b - 2 (1-D)-Vin (D-Ts
" Ts Lpri
o]
Ts
2 [D-Vin [, 1+D
+ . ot - .
Ts Lpri \ 2
D-Ts

Im, = }(anf + (bn)z

n-ﬁ-t> dt ...
Ts

—_——

T”(ZT_t) ot

The correction curves corresponding respectively to the secondary open and the secondary shorted are :

ko(f) = 1 + 6.035.1073..0:481

kg(f) = 1+ 0.202-f%172

Let the PCB trace width be x and the core length be L. We can now write the core width W(x).

W(x) = 2-{x + 25:1073) + 2.1

Pcore(x,L) := K1:
2-N

D-(1 - D)-Vin

(Allow a 2.5mm clearance in window width :

Need 0.030" between edge of trace and edge of PCB + 0.5 mm
between edge of PCB and core window wall ; hence :
2x(0.030" x 25.4 + 0.5 mm) = 2.5mm)

B
] Fs® B =B T-B 2ty 2:x + 21 + 0.007)
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We shall assume that the primary winding is made up of 6 layers in series whereas the secondary is made of 4
layers in /.

p 2:1+2L+4x+0.01
X

Where z is the copper thickness corresponding to 2 ounces of

Ria =£.
yer

copper, i.e. 71.12- 1076

p is the copper resistivity at 80 Deg. C

_g 234 .
p =1.72:10 8-332;——%2 p=2126-10
z = 2.1.4-10°3.25.4.10"3 z=7.112-10"

Let's now calculate the copper losses ; it should be noted that the correction factors calculated above include the
secondary winding resistance ; the latter shall not be included in the calculation.

p2l+2L+—4x+—001 )
Pwdg(x,L) : k o(n-Fs k «(n-Fs
g(x,L) := - Z of ) L) Z s y o)

n:=0.100

L, := 0.0155 + n-0.0001

x := 0.001 Allow a power dissipation in the transformer = 0.5 W
w, = root(Pcore(x,Ln) + Pwdg(x ,Ln) -05 ,x)

_ -3\ / -3
S, = {Ly + 2w, + 51073} (21 + 2w, + 5:10°%)



10.5

85 0 10 20 30 40 50 60 70 80 920 100

S 4o = MiIn(S) S o = 8.643-107* Vo = S to'h

m, = if(Sn>S tfo.O,n)

n := max{m) n =26
- -4
S, =8643-10
Pcore (w, L) = 0.217 w, = 4.479:10
Pwdg(w,,L,) = 0.283 L, =0.018
k2 =22 _is__
500-10°
2:l + 2-L_+ 4-w_+ 0.01
p n n k2 _ -3
Rsec == — R gec = 2.531-10

z w, 4
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B) Qutput inductors

Let Alo oy = 1A, Alo is the sum of Al 4 and Al p. We design L1 and L2 such that their respective ripples exactly
cancel out at D 5, := D. This means:

1-D D -D
(2=L1-—1°m f(D) .= oM~
D nom 1-Dnom
Alo is given by : Alo=-\/°—uw-l-f(D)
L1 Fs

Alois maximum at D = Dpax

Vout + Von 1 _ -6
L1 = T-E-f(D max) L1 =1.426-10
max
1-D _
L2 = L].—nom L2 =2.865-10°°
D nom

Design L1 and L2 such that [ 1 = I 2 = lo/2. In addition, choose Bdc = 0.25T @ | = 15A through L.
We will also allow a total copper loss in the output inductors of 0.3W.

P g = 0-3 Pwdg = (RL1 + Ryo) x (10/2)?

In order to have : I 1 = I = lo/2, the DC resistances of L1 and L2 must satisfy the relationship :
Rp2 + D X Rgee =R 1 + (1-D) X Rgec , 05 : R 2 = Ry 1 + (1-2D) x Rgec .Therefore :

lo

2
Pwdg‘“"z'D)'Rsec'('z‘) 3

Rq = 5 R ¢ =2.242-10
lo
2.(—=
2
Ripg=Ryq+(1-2D)Rgee R o =3.091-107°
Bdc := 0.25 (@ lo = 15)
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Calculate optimum area for L1

Reset all S to a high number : n:=0,1..100 S, = 1000
Let the number of turns vary from 1 to 4 n:=1.4
L= L1-lo
1 Bden:d
n? p
e G A o.o1> )
_ 10 z n The winding of L1 uses 10 layers, so each turn takes up 10/n
Xq = > layers.
R,,-4.P
LT
xl‘l Ln
6.945-10"* 0.013
2.451-10°3 6.581-10"2
-3
7.328-10°3 4.388-10
0.043 3.291-10°3




Calculate core losses

wq[(Vout+von)D® _ o 51 p, \1op
Pcore,, := K1-{—2—_n—— -Fs -1 -(Ln> -(2-t +2:x + 20+ 0.007)

Pcore‘,I

0.018
0.01

8.895-1073
0.019

Calculate Area of L1
Sn = (Ln + 2-xn + 0.005)-(2-] + Z'Xn + 0.005)

S

n

3.791-107%
3.775-10°4
7.852-10°4
9.778-10°3

Minimal area is given by n := 2; so, this becomes our optimum number of turns for L1.

S|4 = min(S)

- -4 .
S 4 =3.775-10 Viq:=Sqh
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Calculate optimum _area for L2

Let the number of turns vary from 1 to 4

n:=1.4
Lo L2-lo
7 Bdc-n-l
2
n“ p (
—=(2:L_+ 21+ 0.01)
n
X, = 10 2 The winding of L2 uses 10 layers, so each turn takes up 10/n
n2 p layers.
Riz-4753
xn Ln
7.633-10°% 8-822
.01
2.262:10°3 =3
.816-10°
5.423-10°3 2 3
0.015 6.612-10
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Calculate core losses

(1 - B
K1- (Vout + Von)-(1 - D)

Pcore, := o L B (ML A I I 0.007)

Pcoren

0.036
0.02
0.016
0.018

Calculate Area of L2
Sp = (bn + 2%, + 0.005): (21 + 2:x_ + 0.005)

S

n

6.439-10°%
5.124-10"%
7.114.10°4
1.944.10"3

Minimal area is given by n := 2; so, this becomes our optimum number of turns for L2.
S |2 = min(8)

S|, =5.124-107* Vi =S oh



C) Input inductors

The criteria we will apply here are : constant copper losses and constant attenuation.
We need to find out the fundamental of the primary current waveform.

Ts = — Ts =2.5-10° n o= 1
Fs
D-Ts i T / 2
a1;=£- -(1-D)-'—°+(1-D?‘Vm-(D. S ) -cos| n-== )dt
Ts N Lpri \ 2 \ Ts
0
Ts . 5
+ 2. D-I—o + D'Vl_n- t- 1r D-Ts> -cos/n-i-t) dt
Ts N Lpri 2 \ ]
D-Ts
b:Ts in [D-T [ 2=
b 4 -2 (1-Dyle (1-D)Vin D s-t) -sin{ n- 2=t dt ...
Ts N Lpri 2 \ Ts
0
Ts i D 2
+£' D-I—(2 + D-Vm_ t- Tr 'Ts> ~sin<n-l-t) dt
Ts N Lpri 2 Ts
D-Ts
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’ 2 2
a + b 1
Fund := —12— The division by 2 comes from the capacitive divider on the primary side

Fund = 1.038

The CEOQ3 spec requires a maximum conducted emission of 45 dBuA at 500kHz. This converts into
45
lin 500 = ‘1020-10"5 ; lin 500 = 1.778- 10—4 ; At 15 kHz, the maximum conducted emission equals 74dBuA,
T4
which converts into : [in 45 := 10%2%-10°€ or lin 45 =5.012:10°  In between 15kHz and 500kHz, the

maximum conducted emission is a linear interpolation beween [in500 and lin15 : therefore, let's calculate the
maximum concucted emission at the given frequency of operation :

lin gg := lin 45- 15F°°° lin pg = 1.879-107
S

Let's now calculate the required attenuation :

Fund.2

i (The factor of 2 provides 6dB margin) Att = 1.105-1 O4
NEs

Att :=

Calculate the corner frequency (double stage filter) :

s Fosz f o =3.902-10*
A025
Calculate the DC current
lo
Idc = D-(1 - D)'—,\T Idc = 0.555



Calculate the half bridge capacitance value : it is the capacitance that yields a mid-point peak to peak voltage not
exceeding 1V. Let's first determine the instant t1 where the current through C2 (bottom capacitor of half bridge)

crosses the zero line.
t1 = 1-107°

GIVEN

ldc - [D-Iﬁo L DVin <t1 _1s D-Ts)]:O

Lpri 2
t1 = Find(t1)
t =1.548-10°°
1| [T lo D-Vi 1+D
Chp = |~ lde- | D2« =0t 12 2 7s) | at
1 N Lpri 2
t1

Chp = 1.068-107°
Take : Chp = 0.96-10° (3 layers of SM05, 200V) (1)

Calculate the RMS current through the capacitor ; the worst case is the top capacitor ;

D-Ts 2
2 1 lo (1~ D)Vin /D'TS
| = |(1-D)Idc? + —. ldc - (1 - D)= : - t)] at
Crms = |( )-ldc” + Ts ( ) N Lpri \ 2

IC g = 1.024

This results in an ESR of 54 mQ which yields a dissipation of 54 mW per capacitor.
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The filter capacitance is actually one half of each half bridge capacitance :
— -7
Cf:=— Cf—48'10

Calculate the area of overall filtering capacitors : Need 2 half-bridge capacitors for the second stage filter and 1

for the first stage filter.
All 3 capacitors are SM05.

-3)2 -4
S ¢f = 3-0.25-0.3-(25.4-10°3) S of = 1.452-10 7)
Vs =S cp2:0.12:25.4-1073

Caiculate filter inductance :

1 1 \? -
Lft= —_— Lf=3.466'10
Cf 2-7t-fc

Calculate damping resistance value :

L
Rd = [2.618 Rd = 13.75
Ct¢

Calculate damping capacitance value :

5. /2.618-L .C i}
Cdi=n— ~ Ff Cd=24-10"°

Rd

Calgulate the area of damping capacitors : need 2 damping capacitors (one in each stage)
Both are SM04. _

-3 2 -4
S gg = 2:0.4-0.44-(25.4-10°3) S cg=2.271-10 (3)

Vg = S cg2:0.12:25.4-1073
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In order to undertake the next step which is to determine the size of the input filter inductor, let's define the
geometrical dimensions of the 16 most likely MPP cores which we wiil be using. All dimensions are in cm.

i:=0..15
0D, := 0.432
0D, := 0.521
0D, := 0.699
0D, := 0.724
OD, = 0.732
0Dy := 0.851
ODg = 0.762
0D, := 1.029
ODg := 1.029
0D, := 1.080
0D,, := 1.190
OD,, = 1.346
OD,, := 1.740
OD,; := 1.803
oD,, = 2.110
0D, = 2.360

ID, = 0.198
ID, := 0.193
ID, = 0.229
ID, := 0.229
ID, = 0.221
ID, := 0.343
IDg = 0.345
ID, = 0.427
IDg = 0.427
IDg = 0.457
D, := 0.589
D, = 0.699
ID,, = 0.953
ID,, = 0.902
ID,, = 1.207
ID,5 = 1.339

Ht, = 0.297
Ht, := 0.330
Ht, = 0.343
Ht, = 0.318
Ht, = 0.554
Ht, := 0.381
Hitg = 0.572
Ht, := 0.381
Htg := 0.457
Ht = 0.457
Ht,q = 0.472
Ht,, := 0.551
Ht,, = 0.711
Ht,, = 0.711
Ht,, = 0.711
Ht s := 0.838

Let's calculate wound outside diameter for all the above cores.

OD_w, := J(ooi)z + 0.75-(ID;)?

Let's calculate MLT for all these cores.

MLT, := 2-Ht + OD w, - —
] 1 -1 2

Acy = 0.0211
Ac, = 0.0285
Ac, = 0.0470
Ac, = 0.0476
Ac, = 0.0920
Acg = 0.0615
Acg = 0.0725
Ac, = 0.0752
Acg = 0.0945
Acg = 0.1000
Ac,, = 0.0906
Ac,, := 0.1140
Ac,, = 0.1920
Ac,, = 0.2320
Ac,, := 0.2260
Ac,g = 0.3310



Let's calculate Kg for all these cores

Kg_ci =

Let's now calculate the size of the filtering inductors (Need two identical inductors, one in each stage. We target a
total winding loss in the input inductors of 0.3W. This means that each inductor will dissipate 0.15W. Core losses

are considered negligible.

Let's first calculate regulation :

Pin := Vin-lde
Pwdg := 0.15
= ___PWd_g_.100 o =0.27
Pin + Pwdg
8l := 0.05 Bdc := 0.2

1) Calculate energy

2
E =L f-'d—zc- E =5.333-10° Joules
2) Calculate Ke and Kg coefficients
. 2 -4 - ~5
Ke := 0.145-Pin-Bdc*- 10 Ke =3.217-10
2
Kg = —C Kg = 3.278-107°
(Ke-a)

3) From the above table of cores, select the core which has a value of Kg immediately higher than the Kg
calculated above.

b. := if{ Kg_c, - Kg<0,10%,Kg_c.
i ]



C:=2b

n = ﬂoor(—c—) n=0 OD_w, = 0.465 Kg_c, =5.713-10°
10°

4) Calculate area of filter inductors in square meters :

(oD_w,)?

10t S f=3.393-107°

S Lf = 2

-2
Vf= S rHt 10
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D) Second stage output filter
Need a maximum output voltage ripple of 10mV pk-pk Vo pk_pk i 0.010

1) First criterion : peak to peak ripple voltage across first stage capacitor : 5% of Vout

AV pk_pk = 0.05-Vout AV pk_pk = 0.165
Alo
First stage output capacitor : C1 = ____max C1=1.894- 10'6
8-Fs-AV pk_pk

2) Second criterion : AVpk_pk appearing across the first stage output filter capacitor C1 must be attenuated to

10mV across the second stage filter capacitor.
Hence, the second stage filter corner frequency is given by :

® g = 2-m-Fs- |—PRPK ©( =6.187-10°

®
fo = —2 fo =9.847-10*

2.7

: . . L1-L2 -7
First stage effective output inductance : eff = L off =9.521-10
L1+ L2
L -
Let: Lout := __seif Lout = 1.904-107"
1 -5

Cout iz ——— Cout = 1.372-10

g -Lout

Calculate damping resistance and damping capacitance required. The mode to be damped is the one defined by
1

the corner frequency : o ¢ :=

J(L eff + Lout)-(C1 + Cout)

Let: Qout = 1

L eff t Lout
Therefore : Rd . := o f—— Rd =0.271
out Qout C1 + Cout out
The productRd xCd must be such that L = of
P out out Rd out’ Cd out 3
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3

. - _ . -5
Therefore : Cd gyt = 3 -(C1 + Cout) Cd oyt = 4.684-10

out

Take : Cdgy: = 47uF, 10V, CWROS, size H ; we therefore need 1 CWRO06 capacitor
+ 1 SMO5 capacitor (2 layers) in the first stage + 1 SM04 capacitor (4 layers) in the second stage.

2 -
S out = (0-285-0.150 + 0.25:0.3 + 0.4-0.44)-(25.4-10°3) S Cout = 1.895-107"
3
V Gout = (0.285:0.150-0.110 + 0.25:0.3-0.12-2 + 0.4-0.44-0.12-4)-(25.4-10°3)

V cout = 1.756-107° ()
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Let's now calculate the size of the second stage filter inductor. We target a total winding loss in Lout of 0.15W.
Core losses are considered negligible.

Let's first calculate regulation :

Pout := Vout-lo Pout =49.5
Pwdg = 0.15
= —PWdg 400 o« = 0.302

Pout + Pwdg '

8l := 0.05 Bdc := 0.2

1) Calculate energy

l02

E = Lout— E =2.142-10"> Joules
2) Calculate Ke and Kg coefficients
Ke = 0.145. Pout-Bdc? 10"4 Ke = 2.871-107°
2
-_E Kg = 5.291-107
(Ke-a)

3) From the above table of cores, select the core which has a value of Kg immediately higher than the Kg
calculated above.

b, = f{Ka_c, - Kg<0,10° Kg_c

n = fioor| —C—> n=4 Kg_c, = 7.404:10° OD_w, = 0.757
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4) Calculate area of second stage filter inductor in square meters :

OD_wn)2

S Lout = ma—p—10"% S Lout = 4.496-107°

- -2
VLout = S Lout Hty 10
Calculate total area occupied by the EPC magnetics + filter capacitors

Stot =Stlo+S11+S12+Sci+Scd* Sifr Scout + S Lout

- -3
S tot = 2.395-10 m2

Stot = S o 10* S tor = 23.948 cm?
Calculate total volume cccupied by the EPC magnetics + filter capacitors
Viot =Vifor Vit +Via+Ver+Ved + Vie+ Voot * VLot

— -5
Vtot =2.192-10 m3

Viot = Vor 10° Vot = 21.917 cm3
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Fs = 100kHz

Equ. (1) p. 14:
q P Chp = 441078 (2 layers of SM03)

2
Equ.(2)p.15:  Scfi= (2:1:0.5 + 0.4-0.44)-(25.4-10°3)

S cf=7587-107* (2 capacitors SMO3 + 1 capacitor SM04)
Equ. (3)p. 15: Cd = 11-10"® : Damping capacitors consist of 2 x 2 CLR79, 100V in series
-3)2 -4
Scq = 4-0.641-0.312~(25.4-10 ) S g =5.161-10

The 4 CLR79 above are size T2
Equ.(4)p.19:  Cout := 181-10°°

Take : Cout = 4 x 47uF, 6V, CWRAO08, size F ; we therefore need 8 CWRO06 capacitors (2
capacitor banks) + a SMO5 capacitor in the first stage for noise filtering.

n:=8

2 -
EQu.(5)p. 19 S ooyt = (n-0.265-0.110 + 0.25-0.3)-(25.4-10°3) S cout =1.988:107°

This yields Sy, = 46.1 cm?

Es = 200kHz
Equ. (1) p. 14:
u-(Me Chp = 221078 (3 layers of SM04)
2 -
Equ. (2) p. 15: S ¢f = 3:0.4-0.44 (25.4-10'3) S g5 = 3.406-10 4 (3 capacitors SM03)
Equ. (3) p. 15: Cd := 5.5.10°8 : Damping capacitors consist of 2 x 2 CLR79, 100V in series
-3)2 -4
S cg = 4-0.641.0.312-(25.4.10°3) S g = 5.161-10

The 4 CLR79 above are size T2
Equ. (4)p.19:  Cout := 9.048-10°5

Take : Cout = 2 x 47uF, 6V, CWRO0S, size G ; we therefore need 4 CWRO06 capacitors (2
capacitor banks) + a SMO0S capacitor in the first stage for noise filtering.
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Equ. (5) p. 19

2 -
S Cout := (n-0.265:0.110 + 0.25.0.3)-(25.4.10°3) S cout = 1-236-107*

This yields Sy = 30.2 cm?

Fs = 300kHz

Equ. (1) p. 14

Equ. (2) p. 15:

Equ. (3) p. 15:

Equ. (4)p. 19:

Equ. (5)p. 19:

Chpp = 1.5:10°° (2 layers of SM04)

2
S cf = (2:0.4-0.44 + 0.25-0.3)-(25.4-10°3)

S ¢f =2.755- 107 (2 capacitors SM04 + 1 capacitor SM05)

Cd = 3.75-10°% : Damping capacitors consist of 2 x 2 CLR79, 100V in series
-3)2 -4

Scg * 4-0.641~O.312-(25.4-1O ) S g =5.161-10

The 4 CLR79 above are size T2

Cout := 6.032-10°°

Take : Cout = 2 x 47uF, 6V, CWRO06, size G ; we therefore need 4 CWRO06 capacitors (2
capacitor banks) + a SMO05 capacitor in the first stage for noise filtering.

n=4

2 -
S Cout = (n-0.265-0.110 + 0.25-0.3)-(25.4.10°3) S cout = 1-236-107*

This yields Sy, = 27.8 cm?
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Fs = 400kHz

Equ. (1) p. 14:
u- (e C hp = 0.96:10°° (3 layers of SM05)
. . ( -3)2
Equ. (2) p. 15: S cf = 3:0.25:0.3-125.4:10
Scf= 1.452-10_4 (2 capacitors SM04 + 1 capacitor SM05)
Equ. (3} p. 15: Cd := 2.4.10°8 : Damping capacitors consist of 2 x SM04, 200V
-3)2 -4
S og = 2:0.4-0.44-(25.4.10°3) S cg =2271-10
Equ.(4)p.19:  Cout := 4.524-10°5

Take : Cout =2 x 22uF, 68V, CWRO06, size F ; we therefore need 4 CWRO06 capacitors (2
capacitor banks) + a SMO05 capacitor in the first stage for noise filtering.

n:=4
-3)2 -4
Equ.(8)p.19: S oyt = (n-0.22:0.135 + 0.25.0.3)-(25.4.10°3) S cout = 1:25-10

This yields Sy, = 23.5 cm?

Fs = 500kHz

Equ. (1) p. 14 :
qu- (e C hp = 0.96-107° (3 layers of SMO5)

-3 2
Equ.(2)p.15: S f = 3-0.25:0.3-(25.4-10°3)

Scf= 1.452-10—4 (2 capacitors SM04 + 1 capacitor SM05)
Equ. (3} p. 15: Cd = 2.4-107° : Damping capacitors consist of 2 x SM04, 200V
/ -3)2 -4
S cg = 2:0.4-0.44-(25.4.10°%) S cg =2.271-10
Equ.(4)p.19:  Cout = 3.619-10°°

Take : Cout = 2 x 22uF, 6V, CWRO0S, size F ; we therefore need 4 CWRO06 capacitors (2
capacitor banks) + a SMO05 capacitor in the first stage for noise filtering.

n=4
2 -
Equ. (5) p. 19: S cout = (n-0.22:0.135 + O.25~0.3)-(25.4-10' 3) S cout = 1.25-10 4

This yields Sy = 24.9 cm?
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Area (sq. cm)

Fs; = (i+ 1)-100 46.1
30.2
Siot = | 27.8
23.5
24.9 |

TOTAL MAGNETICS AND CAP AREA VS Fs
50 ”

S toy,

|

20,50 150 200 250 300 350 200 450 500

Fsi
Switching Frequency (kHz)
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